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Abstract
With the increasing demand and popularity of LED-based lighting systems, research
interest in power electronics has turned towards the drivers in these systems and, in
particular, how to combine high conversion eﬀiciency with a compact design. In order
to satisfy the requirements on both input and output currents, state-of-the art LED
drivers are composed of two stages: An AC/DC power factor correction (PFC) stage
responsible for shaping the input current and a DC/DC stage responsible for supplying
the desired output voltage and current for the LED.
In recent years, considerable research effort has been put into the subject of DC/DC
Switch Mode Power Supplies (SMPS) and how their physical size can be reduced by
increasing their switching frequencies. Through the use of resonant converter topologies, operation in the high frequency (HF) and very high frequency (VHF) ranges have
been demonstrated with reduced converter sizes as a result.
This thesis focuses on the PFC stage of LED drivers for European mains input voltage,
and investigates several methods and techniques that can be applied in order to enable
the use of resonant converter topologies in PFC applications, while maintaining high
conversion eﬀiciency. By implementing resonant converters in the PFC stage, it is expected that AC/DC conversion can undergo the same process of increasing switching
frequencies and shrinking volumes as DC/DC converters.
The three following groups are the main research contributions of this thesis:
First, the operation of common resonant converter topologies is analysed in detail, in
order to derive conditions that allow their use over a wide input voltage range, while
achieving zero-voltage-switching (ZVS) and linear input characteristics. A 50 W prototype of a class DE converter capable of operating from DC input voltages in the
range of 60–325 V is presented and shown to achieve ZVS over a full decade of output
power variation through modulation of the switching frequency. The prototype shows
conversion eﬀiciencies of up to 94 %.
Furthermore, the concept of power factor correction through the of use resonant-converterdriven charge pump circuits is explored, and a new PFC converter structure is presented.
This structure utilizes a resonant converter as a parallel “power factor port”, and reduces the stresses on the converter significantly compared to conventional cascaded
structures. A 50 W prototype is demonstrated, achieving conversion eﬀiciencies of up
to 92.2 % and providing a power factor of 0.99 for output power in the range of 20–50 W.
Finally, the topic of high-frequency inductor design is studied, as losses in magnetic components constitute one of the main limitations on the switching frequency in resonant
converters. Stresses on the magnetic components in resonant converters are investigated, and methods to reduce the resulting losses are presented. Through a series of
simulations and measurements, the benefits of implementing quasi-distributed air gaps
in a standard ferrite core, by the use of custom-made ferrite slices for gap-separation,
is documented. For a reference inductor design, the technique is shown to give a 25 %
increase in inductor Q value.

iv

Abstract

Through the application of the research described in this work, resonant converters
can be implemented as eﬀicient PFC stages in LED drivers, replacing hard-switched
converter topologies that limits the converter switching frequency.

Resumé
Med den stigende popularitet af, og efterspørgsel efter LED-baserede lyssystemer, har
forskningsinteressen inden for effektelektronik rettet sig mod driverne i disse systemer,
og især hvordan høj omformningseffektivitet kan kombineres med et kompakt design.
For at opfylde kravene til både indgangs- og udgangsstrøm består moderne LED drivere af to trin: Et AC/DC trin til effektfaktorkorrektion (PFC), der er ansvarligt for at
forme indgangsstrømmen, og et DC/DC trin, der er ansvarligt for at levere den ønskede
udgangsspænding og –strøm til LED’en.
I de senere år er der lagt en betydelig forskningsindsats i emnet DC/DC switch-mode
strømforsyninger (SMPS), og hvordan deres fysiske størrelse kan mindskes ved at øge
deres skiftefrekvenser. Gennem brugen af resonante omformertopologier, er drift i
højfrekvens (HF) og “meget højfrekvens’’ (VHF) båndene blevet påvist, med mindskede
omformerstørrelser som resultat.
Denne afhandling fokuserer på PFC-trinet i LED-drivere til europæisk netspænding,
og undersøger adskillige metoder og teknikker, der kan anvendes til at muliggøre brugen af resonante omformertopologier i PFC-applikationer, og samtidig opretholde en
høj omformningseffektivitet. Ved at implementere resonansomformere i PFC-trinet forventes det, at AC/DC-omformning kan gennemgå den samme udvikling med stigende
skiftefrekvenser og faldende størrelser, som er sket for DC/DC-omformere.
De tre følgende områder udgør de vigtigste forskningsbidrag i denne afhandling:
Først analyseres driften af udbredte resonante omformertopologier i detaljer for at
udlede betingelser, der muliggør deres anvendelse over et bredt spændingsområde, samtidig med at man opnår nulspændingsskift (ZVS) og lineære indgangskarakteristika.
En 50 W-prototype af en klasse DE-omformer, der er i stand til at operere fra DCindgangsspændinger i området 60–325 V, vises at opnå ZVS over en faktor 10 variation
i udgangseffekt, gennem modulation af skiftefrekvensen. Prototypen viser omformningseffektivitet på op til 94 %.
Dernæst undersøges mulighederne for effektfaktorkorrektion gennem brugen af resonansdrevne ladningspumper, og en ny struktur for PFC-omformere fremvises. Denne struktur anvender en resonansomformer som en parallel “effektfaktorport’’ og mindsker belastning af omformeren markant, sammenlignet med konventionelle kaskade-strukturer.
Der fremvises en 50 W-prototype, der opnår en omformningseffektivitet på op til 92,2
% og en effektfaktor på 0,99 for udgangseffekt i området 20—50 W.
Slutteligt studeres emnet spoledesign for høje frekvenser, da energitab i magnetiske komponenter er en af hovedbegrænsningerne for skiftefrekvensen i resonansomformere. Belastninger af magnetiske komponenter i resonansomformere undersøges, og metoder til
at mindske de resulterende tab præsenteres. Gennem en række simuleringer og målinger
dokumenteres fordelene ved implementering af kvasi-distribuerede lufthuller i standard
ferritkerner ved brug af specialfremstillede ferritskiver til adskillelse af lufthullerne. For
et udvalgt spoledesign vises teknikken at give en 25 % stigning i kvalitetsfaktor.
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Resumé

Gennem anvendelsen af den forskning, der er beskrevet i dette værk, kan resonansomformere implementeres som effektive PFC-trin i LED-drivere, og erstatte hård-skiftende
omformertopologier, der begrænser omformerens skiftefrekvens.
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1
Introduction
This chapter covers the background and motivation of this Ph.D.
project and describes the scope and structure of the thesis.

1.1 Background and Motivation
Since the invention of the incandescent light bulb in the late 19th century, electric light
has become an integral part of our society and everyday life. While lighting technologies have improved trough time, the demand has greatly increased, and as of the year
2017, it is estimated that lighting is responsible for about 15 % of the global electricity
consumption [1].
In recent years, the use of light-emitting-diode (LED)-based lighting systems have
grown significantly. With a theoretical limit for luminous eﬀicacy in the range of
260 − 300 lm/W [2], compared to traditional incandescent light bulbs with around
15 lm/W or fluorescent lamps with up to 100 lm/W [3], LED technology has the
potential to drastically reduce the energy consumption of electric light. Furthermore,
modern LEDs offer lifetimes in the range of 50,000-60,000 hours [4] compared to the
typical 1,000 hours for incandescent light bulbs.
With the increasing demand for LED-based lighting systems, the need for electronic
drivers follows. The LED driver supplies the LEDs with a stable DC voltage or current
of a desired level, and in some cases also offer dimming functionality. In many cases,
the lighting systems are supplied from the AC mains, and offline AC/DC conversion
is required. In order to ensure a high lighting quality with low flicker [5], the driver
needs to filter out the double-the-line frequency ripple seen by circuits supplied from
rectified AC mains. For applications supplied from the AC mains, the power factor
and harmonic content of the input current are regulated by international standards
[6, 7], and for lighting equipment consuming more than 25 W of power, power factor
correction is required. In order to satisfy the requirements with regard to power factor,
while maintaining low flicker on the LED, typical LED drivers are designed as two-stage
systems consisting of a power factor correction (PFC) stage followed by a DC/DC stage.
As the LED drivers are often significant contributors in terms of the overall system
volume, weight and cost, as well as the limiting factor in terms of system lifetime [4],
research within power electronics has turned towards these with the intention of improving the technologies. In order to maintain high conversion eﬀiciency, most LED
drivers today are designed as Switch Mode Power Supplies (SMPS). The size of the
drivers is mostly limited by the passive energy-storage components that take up most
of the driver volume [8]. As the size of the passive components scales inversely with
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frequency, a method for reducing the size of the drivers is to increase their switching
frequencies. However, increasing frequencies lead to increasing switching losses in the
active devices for conventional hard-switched converters topologies. In order to overcome this limitation, resonant converter topologies with Zero Voltage Switching (ZVS)
and Zero Current Switching (ZCS) can be used instead [9]. In combination with the
emergence of wide bandgap (WBG) technologies such as Gallium Nitride (GaN) transistors with improved figures of merit [10, 11], these converters provide the opportunity
to take switch-mode power conversion to higher frequencies than previously possible.
As a result, since the mid-2000s, researchers in power electronics have put significant
effort into the field of resonant converters [8, 12–17] in order to design SMPSs with
switching frequencies in the High Frequency (HF, 3-30 MHz) and Very High Frequency
(VHF 30-300 MHz) ranges [18]. While this research has been very successful with respect to DC/DC conversion, the use of resonant converters for AC/DC applications is
still very limited, and the only examples of their use as offline converters known to the
author only covers US mains [16, 19, 20], leaving applications supplied by European or
universal mains uncovered.

1.2

Thesis Scope

The objective of this thesis is to investigate and develop methods that can be applied
in order to reduce the size of PFC converters for LED applications supplied from
European AC mains. The main focus is on the application of soft-switching resonant
topologies in PFC converters, as this is considered necessary in order to increase the
switching frequency and enable significant size reductions without compromising the
conversion eﬀiciency of the converters. The research covers methods to operate resonant
converters with ZVS over wide input voltage ranges as well as reorganized converter
structures that reduce the power flow in the PFC stage. In addition, the more general
topic of inductor design for MHz-frequencies is investigated in order to improve the
eﬀiciency of the proposed topologies. The different parts of the research are covered in
6 peer-reviewed conference and journal publications and 2 paper drafts currently under
review for publication in the IEEE Journal of Emerging and Selected Topics in Power
Electronics. These publications are included in the appendices A–H and form the basis
of this thesis. As the research was conducted as part of the larger LEDLUM project1
[21], the system requirements of this project provide the basis for the specifications of
all proposed PFC converter designs. For this reason, designs are based on a 230 Vrms
50 Hz AC input voltage and an output power of 50 W.

1
The LEDLUM project has received funding from the European Union’s Horizon 2020 research and
innovation programme under grant agreement No 731466.

1.3 Structure and Content
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1.3 Structure and Content
Figure 1.1 gives an overview of the thesis outline and the related publications in the
appendices. For each publication, the most relevant thesis chapter is marked with connecting arrows. The chapters of the thesis are structured as follows.
Chapter 1 covers the background and motivation of this Ph.D. project and describes
the scope and structure of the thesis.
Chapter 2 introduces the concepts of power factor, power factor correction, resonant
power converters, and the loss mechanisms in their magnetic components. Common
converter architectures and topologies are described and relevant equations are introduced.
Chapter 3 describes the work of designing a resonant class DE converter capable of operating with zero voltage switching and constant input impedance across a wide input
voltage and power range.
Chapter 4 presents a charge-pump-based PFC-port, which reduces the amount of power
processed by the PFC stage by using a parallel converter architecture.
Chapter 5 describes research on the benefits of using resonant tank inductors with multiple air gaps.
Chapter 6 covers various other research conducted as part of this project.
Chapter 7 summarizes the thesis contributions, concludes on the presented work, and
describes future work.
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Figure 1.1: Thesis outline. Publications are sorted chronologically in order of submission dates.

2
Theory and State of the Art
This chapter introduces the concepts of power factor, power factor correction, resonant power converters, and the loss mechanisms in their magnetic components. Common converter architectures and topologies are described and relevant equations are
introduced.

2.1 Power Factor Correction
The power factor of an electric circuit is defined as the ratio of the real power consumed
by the circuit to the apparent power seen from the source [22]. It can be calculated by
dividing the average input power by the product of the RMS input current and input
voltage.
Pin
PF =
(2.1)
VIn,RM S · IIn,RM S
A perfect power factor of 1.00 is achieved if the instantaneous input current is proportional to the instantaneous input voltage at all times, and the circuit behaves as
a purely resistive load on the source. For applications supplied from the AC mains,
the input voltage is considered to be a perfect sine wave, and the power factor can be
described as a function of the Total Harmonic Distortion (THD) of the input current
and the phase angle, φ, between the input voltage and the first harmonic component
of the input current:
cos (φ)
PF = √
(2.2)
1 + T HDi2
Both real and reactive power cause losses in the grid and converters, but while the
active power is delivered to the converter load, the reactive power is just cycling back
and forth between the grid and the converter. A circuit with low power factor will
require a higher rms input current to draw the same real power as one with a high
2
power factor, and as conduction losses in wires scale with IRM
S , the circuit with poor
power factor causes larger losses in the power grid and connecting wires than the one
with high power factor. Figure 2.1 shows a 230 V 50 Hz voltage waveform along with
two current waveforms for different power factors. The two currents both supply 50
W of power, but for the case with lower power factor, the RMS value of the current is
70 % higher.
For this reason, various international standards and legislation place requirements the
power factor of electric equipment [6, 7, 23]. The required power factor depends on the
power level and application of the connected equipment, and for LED lamps consuming
25 W or more a minimum power factor of 0.9 is demanded by the European Union [23].
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Figure 2.1: Current waveforms for different power factors.
In addition, standards for electromagnetic compatibility (EMC) define limits for the
relative and absolute amplitudes of the individual harmonics of the line frequency in
the input current [6, 7].
Depending on the THD requirements for a specific application, a certain dead angle
around the zero-crossings of the AC voltage can be acceptable. This angle defines the
interval length of the line cycle where no current is drawn. Figure 2.2 illustrates the
concept of a dead angle, and how it affects the THD of the input current.

(a) Dead angle, ΘD , in sinusoidal signal.

(b) THD vs. dead angle

Figure 2.2: Illustration of dead angles in sinusoidal signal, and the effect on signal
THD.
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The requirements on power factor and harmonic content cannot be satisfied through
simply rectifying the mains voltage with a diode bridge and a capacitor, as shown in
figure 2.3, when supplying LEDs with more than 25 W of power. On the other hand,
with line frequencies of 50 or 60 Hz, the removal of higher harmonics through passive
filters are impractical and bulky, and active power factor correction is needed.

Figure 2.3: Mains rectification without PFC.
In order to achieve a high power factor while simultaneously maintaining a low ripple
on the converter output, most power-factor-correcting offline converters are designed
with a two-stage architecture [24]. As illustrated in figure 2.4, this architecture consists
of a PFC stage followed by a DC/DC stage. Between these two stages, a large capacitor
stores the AC energy supplied from the PFC stage in order to keep the voltage ripple
on the DC-bus at a level acceptable for the DC/DC stage.

Figure 2.4: Two-stage offline converter architecture.
The most commonly used topology for the PFC stage is the boost topology shown in
figure 2.5, thanks to its simplicity and ability to operate under universal input mains
[25, 26]. Furthermore, the input inductor of the topology offers direct and simple
control of the input current shape through pulse width modulation. When using a
boost-type PFC stage, the DC-bus voltage must be higher than the peak input voltage
in order to ensure operation over the full line cycle. Buck-type topologies are rarely
used, as they only offer step-down functionality and are therefore unable to operate at
the lower range of the input cycle and achieve perfect power factor [24]. Over the years,
several methods have been used to improve the eﬀiciency of stages. One approach is
the use of bridgeless topologies, where the diodes in the input rectifier bridge are partly
or fully replaced with transistors, and are integrated in the converter in order to reduce
the conduction losses in the semiconductor components [27–31]. Another approach
is the use of converters with ZVS and/or ZCS in order to reduce the switching losses.
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This is achieved through quasi-resonant topologies or advanced control schemes [32–36].

Figure 2.5: Conventional Boost PFC
If perfect power factor is achieved, the power drawn from the mains takes the shape
of a squared sine wave. As illustrated in figure 2.6, this power can be separated into a
DC part that is processed by the DC/DC stage and delivered to the load, and an AC
part that needs to be filtered by the DC-bus capacitor.

Figure 2.6: Power processed by the PFC stage with unity power factor at 50 Hz input
voltage.
For unity power factor, the energy, Eripple , that needs to be stored in the voltage ripple
on the DC bus can be calculated by (2.3), where fl is the line frequency.
Eripple =

PDC
2π · fl

(2.3)
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The amount of energy stored in and depleted from the bus capacitor is defined by the
maximum and minimum bus voltages over a line cycle.
( 2
)
1
2
∆Ecap = · Cbus · Vbus,max
(2.4)
− Vbus,min
2
The capacitance needed to maintain a certain ripple is calculated by combining equations 2.3 and 2.4.
PDC
(
)
Cbus =
(2.5)
2
2
π · fl · Vbus,max
− Vbus,min
For 50 W of power, with 50 Hz line frequency and a 400 V bus voltage with 10% ripple,
this gives a bus capacitance of 9.5 µF .
The bus capacitance is usually implemented using an electrolytic capacitor, as this
technology offers higher energy densities than other capacitor types [37]. Nonetheless,
the bus capacitor is usually one of the largest single components in offline converters,
as it needs to reduce out the low frequency ripple from the AC mains. Furthermore,
Electrolytic capacitors are one of the most common causes of failure in switch mode
power converters and limit their overall lifetime [38, 39]. For these reasons, researchers
are trying to eliminate the need for electrolytic capacitors through new control methods
and active ripple filtering [40–43].

2.2 Resonant Converters
In the push for increasing switching frequencies, one of the major obstacles for traditional switch mode converter topologies is the switching losses in the switching devices,
which scale with the switching frequency. In order to overcome this obstacle, research
interest has turned towards resonant switch mode converters previously reserved for
radio communication applications [8, 12–16]. Resonant converter topologies have the
benefit of soft switching in the form of ZVS and/or ZCS, which reduce the switching
losses considerably and reduce the stresses on the switching devices [9, 44].
A general block diagram of a resonant converter is shown in figure 2.7. Generally, these
converters consist of an inverter generating an AC current from the input voltage and
a rectifier converting the AC current into a DC output voltage. These two elements are
connected through a resonant tank consisting of one or more inductors and capacitors
connected in series and/or parallel. This type of converter structure has been used in
DC-DC applications since the late 1980s [45].
The topologies considered in this thesis are the class E and DE topologies with a series
LC resonant tank. Referring to figure 2.7, a series resonant tank results in the two
resonant currents, ires,i and ires,r , being equal and identical.

2.2.1 Topologies
Common for all the different topologies is that they all, under ideal operating conditions,
achieve ZVS and/or ZCS. With a suﬀiciently high loaded Q factor of the resonant tank
(2.5 or more, according to [9]), the resonant current can be assumed to take the shape
of an ideal sine wave at the switching frequency with amplitude Ir . For any given
frequency and current amplitude, the rectifiers can be modelled as an equivalent RC
circuit acting as the load for the inverters.
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Figure 2.7: Block diagram of generic resonant converter.
Inverters
The inverter circuits are supplied by a DC (or rectified low frequency AC) input voltage
and generate an AC current as their output. All inverter topologies include one or more
switching devices and require a gate driving circuit. Through the use of self-resonating
gate drivers [46], both of the described topologies have been operated well into the VHF
range.
Class E Inverter
The class E inverter is a boost-derived topology with a single low-side switching device
and an input choke inductor [47]. Its schematic is shown in figure 2.8. The shunt capacitor, Cs , can be the parasitic shunt capacitor of the switching device or a combination
of this and an external discrete capacitor. The class E inverter is used in the stacked
converter design shown in appendix B (published as [48]).

Figure 2.8: Class E resonant inverter.
A set of typical waveforms for 50 % duty cycle is shown in figure 2.9. The class E
inverter has the benefit of using only a single, ground referenced, switching component.
On the other hand, its major disadvantage is the large voltage swing across switch, vs .
For a typical operation at 50 % duty cycle, this voltage reaches a peak of 3.6 times the
input voltage Vin . The converter operation under optimal conditions is described in
detail in [49]. The class E inverter is well described in literature and is widely used in
HF and VHF applications [19, 49–53].
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Figure 2.9: Typical waveforms for the class E resonant inverter.
Class DE Inverter
The class DE inverter is a buck-derived topology consisting of a switching half-bridge
with shunt capacitors Cs1 and Cs2 . Figure 2.10 shows the circuit diagram of the class
DE inverter [54, 55]. This inverter topology is used in appendices C–F and H.

Figure 2.10: Class DE resonant inverter.
The class DE inverter has the benefit of low voltage stresses on the switching components, as the maximum voltage on the switch node, vs is equal to the input voltage.
The primary disadvantages is the need to drive a high-side switch. A set of waveforms
for typical operation with 25 % duty cycle on both switches are shown in figure 2.11.
The circuit operation is described in detail in [56–58], as well as [59] (Appendix E).
Like the class E inverter, the class DE inverter has been implemented in both HF and
VHF applications [60, 61].
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Figure 2.11: Typical waveforms for the class DE resonant inverter.
Rectifiers
The rectifier circuits are supplied by an AC input current and a generate a DC voltage as their output. Based on first harmonic approximation (FHA), equivalent input
impedances for the different topologies can be calculated, and these are used when
designing the connected inverter circuits.
Class E Rectifier
The class E rectifier [62] is very similar to its inverter counterpart, with an output
choke indutor and a single, ground-connected diode with a shunt capacitor. The circuit
diagram of the topology is shown in figure 2.12, and a set of waveforms for 50 % diode
duty cycle is shown in figure 2.13. As for the class E inverter, a major disadvantage is
the large voltage swing across the diode. For 50 % operation, the peak is around 3.6
times the output voltage.

Figure 2.12: Class E resonant rectifier.
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Figure 2.13: Typical waveforms for the class E resonant rectifier.
The topology is analyzed in detail in [63], where general expressions for the equivalent
input resistance and capacitance are derived. The topology’s use in VHF applications
is well described in literature [49, 52, 53]. Synchronous operation, with the diode replaced by switching transistor, is demonstrated in [51].
Class DE Half-Bridge Rectifier
The class DE rectifier [64] is similar to the class DE inverter, with its switching transistors replaced by diodes. Figure 2.14 shows the circuit schematic, and a set of waveforms
for optimal operation with 25 % diode duty cycle is shown in figure 2.15. Variations of
this rectifier topology is used in appendices A–F and H.

Figure 2.14: Class DE resonant rectifier.
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Figure 2.15: Typical waveforms for the class DE resonant rectifier.
Like its inverter counterpart, the class DE rectifier has the benefit of a low voltage
swing across the its components. Furthermore, as the topology does not require an
inductor to filter the output current, its physical size can be considerably smaller. The
topology is analyzed in detail in [65, 66] as well as [59] (Appendix E), and its equivalent
input resistance and capacitance as a function of the output parameters and switching
frequency can be determined by the following equations, where D is the duty cycle of
the two diodes.
Rrect,eq =

2 · Iout · Vout
(π · fsw · Vout · (CD1 + CD2 ) + π · Iout )2

(2.6)

π · (CD1 + CD2 )
π · (1 − 2D) + sin(2πD) · cos(2πD)

(2.7)

Crect,eq =

The resulting duty cycle from any set of parameters is derived in appendix E as:
)
(
1
fsw · Vout · (CD1 + CD2 ) − Iout
(2.8)
D=
· cos−1
2π
fsw · Vout · (CD1 + CD2 ) + Iout
The class DE rectifier is often used in combination with the class DE inverter, and its
use in HF and VHF applications is demonstrated in [19, 60, 61]. The use of synchronous
implementations is demonstrated in [67, 68]. A synchronous full-bridge version of the
topology is demonstrated in [69] (Appendix A).

2.2.2

Challenges

Resonant converters are mostly used in DC/DC applications [16], and a number of
challenges need to be considered if they are to be implemented in the PFC-stages of
offline converters. In order to achieve a high power factor, the PFC stage needs to
draw an input current that is proportional to its instantaneous input voltage over the
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most of the line cycle, meaning that the converter needs to operate over wide input
voltage and power ranges. While resonant converters can achieve very high eﬀiciencies
at a specific operating point, they are very sensitive to changes in loading and input
conditions, and easily lose soft switching if their operating point is changed [70, 71],
quickly leading to unacceptable switching losses. Unlike other types of switch-mode
converters, the voltage conversion ratio of resonant topologies cannot be controlled
through pulse-width-modulation (PWM), as the switching duty cycle is dictated by a
complex combination of other circuit parameters in order ensure soft switching, and
other types of control are needed [72].
Ignoring the highly non-linear characteristics of the parasitic shunt capacitance of the
switching devices [73–75], the class E and DE inverter stages inherently have a linear
relation between input current and voltage and can achieve soft switching for any input
voltage with constant switching frequency and duty cycle. When loaded with a rectifier,
however, this is no longer the case, as the rectifier input impedance (eq. 2.6 and 2.7) is
highly dependent on the output current and power. This means that the load on the
inverter stage will varies with the input voltage, causing the converter to lose both soft
switching and its linear input characteristics.
Another matter to be consider is the voltage stresses on the components. The nominal
RMS voltage of European AC mains is 230 V ± 10 % [76]. This means that converters
supplied
√ from rectified European mains need to handle input voltages of up to 230 V ·
1.10 · 2 = 358 V . For a class E inverter operating at 50 % duty cycle, this would result
in a peak voltage of almost 1300 V across the switching device. In addition to this, any
modulation of the duty cycle or sub-harmonic oscillations on the switch-node during
start-up or load steps could cause even higher voltage peaks. From this perspective,
the class DE inverter is a better choice if the full mains voltage is applied on a single
converter, as the voltage on the switch-node will never exceed the input voltage.

2.3 Resonant Tank Inductors
Compared to hard-switched converter topologies, resonant topologies are capable of
drastically reducing the switching losses in semiconductor devices through ZVS and
ZCS. However, conduction losses are increased due to the relatively large resonant
current. For a class-E inverter operating at 50 % duty cycle, the RMS value of the
resonant current is 1.32 times larger than the DC input current [49], and for a class-DE
inverter operating at 25 %, the ratio is 4.44 [58]. This causes considerable stresses
on the resonant tanks, and in particular their inductors, as the pure AC current at
high frequency demands different design strategies than the DC-with-ripple currents in
other converter topologies. At high switching frequencies, core loss can be significant
and several of AC effects makes the exact configuration and placement of the windings
an important design choice.
Low-voltage converters operating in the VHF range can often function with inductors in
the range of hundreds or tens of nH, enabling the use of aircore inductors without core
losses. Resonant converters using both discrete [49, 51, 53, 77–79] and PCB-embedded
[80–83] air-core inductors have been demonstrated in literature.
For converters with higher voltage levels and lower switching frequencies (e.g. [32, 84]
as well as [59, 85, 86] - appendices D, E and F), ferrite cores are required in order to
achieve acceptable Q values in the resonant tanks. For inductors with ferrite cores,
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core losses make operation beyond a few MHz unfeasible [87], and with the magnetic
materials currently available, the optimal switching frequency range with regard to
physical component size has been shown to be 500 kHz - 2 MHz [88].

2.3.1

Core losses

The losses in ferrite cores are a combination of hysteresis loss, eddy current loss and
anomalous loss, all of which depend on the the flux density in the core [89–92]. Under sinusoidal excitation, the losses can be approximated by the empirical Steinmetz
equation [93].
β
Pcore = Ve · Cm · f α · Bpk
(2.9)
Where Cm , α and β are material constants, Ve is the magnetic volume of the core and
Bpk is the amplitude of the flux density waveform.
For sinusoidal currents of amplitude Ip , the peak flux density in a core with magnetic
area Ae is calculated from equation 2.10, where L is the inductance and N is the number
of turns in the winding.
Ip · L
(2.10)
Bpk =
Ae · N
As core losses increase with the flux density in the core, the key to reducing these losses
is to limit the flux density. For fixed excitation and core size, this can be achieved
through the addition of more winding turns. This will however increase the resistance
of the winding and the associated losses.
Where the number of turns is dictated by the need to avoid core saturation for inductors
with large DC currents, it is a matter of loss-optimization for inductors with large AC
currents. As the number of turns is changed, however, the effective permeability of the
core needs to be adjusted accordingly in order to maintain the desired inductance value.
Figure 2.16 shows the relative permeability and core loss density for a 50 mT excitation
at 1 MHz for a number of MnZn and NiZn ferrite materials for high-frequency appli-

Figure 2.16: Comparison of relative permeability and core loss density for 50 mT
sinusoidal excitation at 1 MHz for different ferrite materials [94–101] (figure from [102]).
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cations [94–101]. The materials with the lowest core losses are seen to have relative
permeabilities in the range of 700-900, while the materials with lower permeabilities
suffer from considerably higher core losses. For this reason, air gaps are often needed
to reduce the effective core permeability and core losses.

2.3.2 Winding losses
The losses in inductor windings can be divided into two groups; conduction losses and
eddy current losses. While conduction losses are directly caused by the current in
winding, the eddy currents losses are caused by the magnetic flux passing through the
winding. Eddy current losses include losses related to skin effect and proximity effect
and are frequency dependent [93].
Figure 2.17 shows a conceptual plot of equivalent winding resistance as a function of
frequency, and can roughly be divided into 3 regions. In the low-frequency region, conduction losses dominate and the resistance is roughly equal to the DC resistance of the
winding. In the mid-frequency region, proximity effect is dominating and resistance is
region, skin effect
seen to increase as a function of f 2 [103, 104]. In the high-frequency
√
is dominating, and the resistance increase as a function of f [93].
The DC resistance of the winding is determined by total winding length and area. The
frequency f2 where skin effect begins to dominate is determined by the diameter of the
wires in the winding. Through the use of Litz wire, it is possible to increase the value
of f2 , compared to a solid wire of the same total area. The frequency f1 is a function
of wire diameter as well, but is also affected by the shape of the field in the winding
window as well as the total winding volume.

Figure 2.17: Conceptual plot of equivalent winding resistance vs. frequency. The lowfrequency region is dominated by DC resistance, the mid-frequency region is dominated
by losses related to the proximity effect, and the high-frequency region is dominated
by skin-effect.
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When an air gap is introduced in a ferrite core, the shape of the magnetic field in the
area around the gap is affected, as the flux in the gap is no longer contained by the
shape of the core [93]. This leads to increased eddy current losses in the parts of the
winding closest to the air gap, as these losses scale with |B|2 [103]. Figure 2.18 shows
magnetostatic simulations of the field shape and strength in a foil winding for closed
and gapped core with the same effective permeability.
For the frequency regions illustrated in figure 2.17, an increased B-field strength in the
winding will lead to a reduced value of frequency f1 and increased eddy current losses.
Since air gaps are often needed to reduce the flux density and loss in the core, the
resulting field shape should be taken into account when designing the winding. The
effects can be reduced by using Litz wire with fine strands, but for inductor with large
air gaps and currents in the MHz range, the eddy current losses might still be significant
even with state-of-the-art Litz wire.
Several methods to limit the winding losses caused by field fringing have been proposed
in literature. One method is to adjust the shape of the winding and move the wires to
parts of the winding window with low field concentration [105, 106]. Another method
is the use of quasi-distributed gap techniques to create a more even field distribution
in the winding window [107, 108]. While the first method comes at the cost of reduced
window utilization and increased DC resistance, the second avoids these problems, but
requires custom-made cores and might be diﬀicult to assemble.

(a) Closed core

(b) Gapped core

(c) Scale of B-field strength

Figure 2.18: Simulated B-field strength and shape in foil winding in winding window
of closed and gapped core with same effective permeability.

3
A Resonant Converter with Wide
Input Range
This chapter describes the work of designing a resonant class DE
converter capable of operating with zero voltage switching and
constant input impedance across wide input voltage and power
ranges. The work is described in further detail in Appendix E.

3.1 Non-linearity in Resonant Converters
As mentioned in section 2.2, one of the major obstacles in applying resonant converters for AC/DC conversion is the non-linear operation of their rectifier stages, and the
resulting sensitivity to changes in load or input voltage. Figure 3.1 shows plots of the
normalized input resistance and capacitance of a class DE rectifier as a function of its
output current (from equations 2.6 and 2.7). The schematic of the rectifier circuit is
shown in 2.14. This input impedance in combination with a resonant tank provides
the load for resonant inverter stages as the ones shown in figures 2.8 and 2.10.

Figure 3.1: Normalized input resistance and capacitance of class DE rectifier vs. normalized output current. The non-linear impedance makes the load of any connected
inverter stage power-dependent.
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The impedances and current in figure 3.1 are normalized with respect to the switching
frequency, fsw , rectifier output voltage, Vout , and shunt capacitors, CD1 and CD2 , as
shown in figure 2.10. The normalized impedances and current are defined as follows:
∗
Iout
=

Iout
Vout · fsw · (CD1 + CD2 )

∗
Rrect,eq
= Rrect,eq · fsw · (CD1 + CD2 )

(3.1)
(3.2)

Crect,eq
(3.3)
CD1 + CD2
The plots in figure 3.1 show that both the input resistance and capacitance of the rectifier stage varies with output current. As a result, the load impedance of the connected
inverter circuit is changing as a function of the processed power. This non-linearity
represent a challenge for several reasons. First, the resulting change in impedance
amplitude and phase of the load of the connected inverter circuit will cause it to lose
soft-switching and suffer increasing switching losses. Figure 3.2 illustrates the effect of
changed load impedance on the switch-node voltage waveform of a class DE inverter
with unchanged duty cycle. A change in input voltage will cause these effects, as the
rectifier input impedance depends on the processed power.
∗
Crect,eq
=

A rectifier impedance larger than the nominal value will result in the resonant current
amplitude being too low to fully charge and discharge the switch-node, resulting in
a voltage drop ∆V across the switches when they turn on. This will result in added
turn-on losses, as expressed by Equation 3.4.
Pturn−on = fsw · (CD1 + CD2 ) · ∆V 2

(3.4)

Figure 3.2: Waveform of switch-node voltage, vs , for class DE inverter with varying
load impedance, Zload . The load impedance is the combined impedance of the input
resistance and capacitance of the connected rectifier. Low load impedance leads to
body diode conduction and increased conduction losses in switching devices and high
load impedance leads to hard switching with voltage ∆V and increased switching losses,
while nominal load, Znom , leads to zero-voltage-switching.
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Figure 3.3: AC input current waveforms for various types of non-linearities in converter
input characteristics. A voltage-dependent input resistance distorts the current waveform and results in a reduced power factor. Each current represents 50 W of power
from a 230 V AC voltage.
An impedance smaller than the nominal value will result in too fast charging and
discharging of the switch-node, and lead to body diode conduction and increased conduction losses in the switching devices. Zero-voltage-switching can, to some extent,
be regained by adjusting the inverter duty cycle to match the new load impedance,
through the use of adaptive dead-time control [68, 109, 110], but the input current and
power of the converter will be affected as a result of the changed duty cycle.
The change in input current and power is the second challenge of the non-linearity. In
order to operate as a PFC converter, the average input current over a switching cycle
must be proportional to the input voltage, implying that the converter must operate
as a constant resistor seen from its input. This means that converters must be able
to operate with a constant input resistance over the full range of the input voltage in
order to obtain perfect power factor. Depending on the THD requirements of the application, a dead angle can be allowed in order to limit the necessary range of operation.
If the converter input current does not have a linear relationship with the input voltage,
distortion will appear in the AC input waveform, resulting in a poor power factor.
Figure 3.3 shows distorted input current waveforms for various non-linearities.

3.2 Compensation of Non-linearities
Appendix E (published as [59]) describes the work of designing a class DE resonant
converter capable of operating with zero voltage switching and constant input resistance
over an input voltage range of 60-325 V. With operation over this part of the line cycle,
a dead angle of 10.5◦ occurs for nominal european mains voltage, resulting in a THD
below 6 % according to Figure 2.2b. Figure 3.4 shows a schematic of the full class DE
converter and table 3.1 shows the specification for the designed converter.
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Figure 3.4: Schematic of class DE converter. This converter is the combination of the
class DE inverter and the class DE rectifier.

Parameter
Value

Vin
60 − 325 VDC

Vout
450 VDC

Rin
1000 − 10, 000 Ω

Table 3.1: Specifications of class DE resonant converter with wide input range.

In order to operate the class DE converter as a power factor correction converter, it
is necessary to compensate for the non-linearities in input impedance. As the input
impedance of the rectifier (equations 2.6 and 2.7) depends on both the output power and
switching frequency of the converter, it is possible to compensate for the non-linearities
with respect to power by modulating the switching frequency of the converter as the
input voltage changes. By allowing a phase shift between the resonant current and
the driving signal for the high side MOSFET in the inverter bridge, a solution space is
found where linear input characteristics and zero-voltage switching in the inverter stage
can be combined. By a thorough mathematical analysis of the converter operation, a
single constraint for this operation is derived:
fsw ≥

2
1
Vin · Vout − Vin
· 2
Rin Vout · (CD1 + CD2 ) − Vout · Vin · (Cs1 + Cs2 )

(3.5)

For a given set of voltages and capacitances, equation 3.5 sets a lower limit for the
switching frequency that can be used in order to achieve a desired input resistance.
This gives an infinite solution space where the desired input resistance and ZVS can be
achieved for a given input voltage. For any given point in this solution space, it is possible to calculate a single value for the inverter duty cycle that results in zero-voltage
switching for that specific operating point.
Likewise, any point in the solution space defined by equation 3.5 has its own specific
requirement on the reactance of the resonant tank, which is determined through firstharmonic analysis of the voltages vs and vr . The components in the resonant tank
need to be sized so that the its reactance matches the required value at some point in
the solution space for any input voltage in the specified range. Figure 3.5 shows the
required resonant tank reactance vs. switching frequency of the designed converter for
a range of input voltages in the specified range. The dashed line in the figure shows
the reactance of a resonant tank capable of meeting the reactance requirements for all
the shown input voltages.
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Figure 3.5: Required resonant tank reactance of designed class DE converter for various
input voltages. The resonant tank needs to provide required reactance for all input
voltages through frequency modulation. The resonant tank selected in [59] meets the
requirements, as its reactance (dashed line) intersects with the requirements for all
input voltages. (Replotted figure from [59]).
After sizing the resonant tank, a set of values for inverter switching frequency and duty
cycle can be calculated for any input voltage, depending on the desired input resistance.
Referring to figure 3.5, the operating frequency for a given input voltage is the point
where the reactance curve of the resonant tank intersects the curve for that voltage.
Figure 3.6 shows the calculated values for three different input resistances, representing
a factor ten difference in input power.

Figure 3.6: Calculated operating points for class DE converter with different input
resistances. Through operation with the shown switching frequencies and duty cycles,
zero-voltage-switching and desired input resistance can be achieved in the shown input
voltage range. (Figure from [59]).
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Prototype and Results

A class DE converter prototype was built in order to verify its operation over the wide
input voltage and power range. Figure 3.7 shows the prototype, which features gallium
nitride transistors and a custom-made resonant tank inductor.
A series of measurements were conducted, with varying input voltages for the converter.
Input and output voltage and current was measured using a N4L PPA 5530 Precision
Power Analyzer. With DC-DC converter operation at the switching frequencies and
duty cycles shown in figure 3.6, the input resistance of the prototype was calculated
from the measured input voltage and current. Across all tested voltage and power
levels, the measured input resistance was seen to be within 2 % of the targeted values
and zero-voltage-switching in the inverter stage was observed.
The output of the converter was kept at a constant DC voltage of 450 V for all measurements, through the use of an external voltage supply. This was done in order to
emulate a large DC-bus capacitance at the converter output, as would be the case in a
two-stage offline converter.

Figure 3.7: Prototype of class DE inverter with wide input range [59]. Through operation at the frequencies an duty cycles shown in figure 3.6, wide input voltage and
power range is achieved.
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(a) Waveform for Rin = 1 kΩ

(b) Waveform for Rin = 5 kΩ

(c) Waveform for Rin = 10 kΩ

Figure 3.8: Measured voltage and current waveforms for Vin = 325 V at different values
for Rin . Scaling is 100 V/div and 500 mA/div on the y-axis and 200 ns/div on the
x-axis. Shown voltages and currents are annotated in figure 3.4. (Reploted figure from
[59]).
Figure 3.8 shows three sets of measured voltage and current waveforms for converter
operation at an input voltage of 325 V. The measurements are made for three different
values of converter input resistance; 1 kΩ, 5 kΩ and 10 kΩ. These resistance values
represent a factor of 10 difference in input power, and the measured waveforms show
that zero-voltage-switching is achieved in all cases. As the input resistance is increased
(and output power decreased), the phase lag between vs and ires is seen to increase,
while the amplitude of ires and the duty cycle of vr are decreasing.
The prototype was operated at switching frequencies in the range of 2-2.8 MHz, achieving eﬀiciencies of up to 94 %. Due to the lack of a control loop capable of performing
the non-linear modulating of the switching frequency and duty cycle shown in figure
3.6, only DC-DC operation has been verified experimentally. However, the expected input current waveforms from a rectified 230 V AC input voltage have been extrapolated
from the measured values of the converter input resistance at various input voltages.
Figure 3.9 shows these current waveforms, which are seen to resemble sine waves, indi-
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Figure 3.9: Extrapolated AC current waveforms. Waveforms are extrapolated from
measured input resistance values at different input voltages. (Replotted figure from
[59]).
cating a high power factor.
Based on the extrapolated current waveforms in Figure 3.9, the total harmonic distortion and resulting power factor of the converter for this rectified AC input voltage are
calculated. The results are shown in table 3.2.
Rin
1 kΩ
5 kΩ
10 kΩ

THD
5.25 %
5.2 %
5.22 %

Power factor
99.9 %
99.9 %
99.9 %

Table 3.2: Extracted THD and power factor of class DE converter with wide input
range.
These results indicate that it is possible to operate a class DE resonant converter as
a PFC stage in offline converters without losing zero-voltage-switching, provided that
a control loop capable of performing the frequency modulation shown in figure 3.6 is
implemented.

4
Parallel Power Factor Correction
Port
This chapter presents a charge-pump-based PFC-port, which reduces the amount of power processed by the PFC stage by using
a parallel converter architecture. The work is described in detail
in Appendix H, and based on the work presented in appendices
D and F.

4.1 Charge-Pump-Based Power Factor Correction
The work presented in [111] describes the use as a charge-pump based converter as a
power factor correction ballast for a flourescent lamp. Other PFC converters based on
the same concept is described in [112, 113]. The basic concept of charge-pump-based
power factor correction is illustrated in figure 4.1, and figure 4.2 shows waveforms for
voltages and currents in the circuit. A high frequency signal is driving the charge pump
capacitor, Cp , which is charged from the input voltage through diode D1 and discharged
to the bus voltage trough diode D2 . The bus voltage, Vbus must always be larger than
the input voltage, in order to prevent direct current flow between the two nodes.
Assuming that the charge pump capacitor, Cp , is fully charged and discharged in every
switching cycle, the amount of charge transferred from the source to the DC bus in a

Figure 4.1: Charge pump circuit. The capacitor, Cp , is charged through diode D1 and
discharged through diode D2 as an AC signal is charging and discharging node Vdrive .
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Figure 4.2: Operating waveforms of charge pump circuit shown in figure 4.1. As voltage
Vp is charged and discharged, current flows in diodes D1 and D2 respectively. Every
switching cycle an amount of charge, Qin , is drawn from the input voltage node.
single cycle is a function of the size of capacitor Cp .
Qin = Cp · Vin

(4.1)

With a switching frequency fsw , the average input current over a switching cycle can
be calculated:
Iin = fsw · Qin = fsw · Cp · Vin
(4.2)
Equation 4.2 shows that the input current is proportional to the input voltage, and
that the charge-pump circuit have a resistive behaviour seen from the input. Assuming
that the switching frequency is being kept constant, this means that the circuit can
be applied for power factor correction, with the input current being proportional to
the input voltage over the full line cycle. As the input current is also proportional to
the switching frequency, it is possible to control the output power through frequency
modulation, assuming that the driving signal is still capable of fully charging and discharging the charge pump capacitor at changed frequencies.
Appendices D and F (published as [86] and [85], respectively), present the design of
a power factor correction converter based on a class DE resonant converter driving

4.1 Charge-Pump-Based Power Factor Correction

29

a charge pump circuit as well a resistive load. Figure 4.3 shows a schematic of the
presented converter. This topology is different from other PFC topologies since the
DC-bus capacitor is placed at the input of the switch-mode converter, rather than the
output. In order to achieve high power factor, however, the output voltage of the PFC
converter, Vout , must be approximately equal to the DC bus voltage to ensure close to
full discharging of capacitor Cp .
If Vout is different from the DC bus voltage, the minimum voltage across the charge
pump capacitor will be the difference between these two voltages, and the amount of
charge transferred in each switching cycle becomes:
Qin = Cp · (Vin − (Vbus − Vout ))

(4.3)

The resulting input current is described by equation 4.4.
Iin = fsw · Cp · (Vin + Vout − Vbus )

(4.4)

Equation 4.4 shows that a completely linear relation between input current and voltage
is only achieved if Vout = Vbus . Depending on the required power factor for a specific
application, a certain voltage difference might be acceptable.
The presented converter operates at a switching frequency of 1 MHz, generates a 300 V
DC output voltage from a 230 V AC input voltage, and provides up to 50 W of output
power. Through control of the switching frequency, the output power can be reduced
to 27 W. Figure 4.3 shows a circuit schematic of the published converter. At rated
output power, the converter achieves a power factor of 0.99, THD below 10 % and harmonic amplitudes in compliance with the IEC-6100-3-2 standard [6], but suffers from a
relatively low conversion eﬀiciency of 84 %, which limits the prospects of miniaturizing
the design. The converter operates with zero-voltage-switching over most of the line
cycle, and the majority of the losses are seen to occur in the converter’s resonant tank.

Figure 4.3: Schematic of class DE charge-pump PFC converter in [85, 86]. Trough
inclusion of the charge pump capacitor, Cp , and diode, Dp , the converter is capable of
providing power factor correction. The resonant current, ires , drives the charge pump
and the output diode rectifier.
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Figure 4.4: Power processed by class DE stage in charge-pump PFC converter [85, 86].
As the converter is driving both the charge pump and it load, the processed power is
larger than the output power.

4.2

Power Factor Port

A reason for the low eﬀiciency in the class DE charge-pump PFC converter [85, 86] is
the fact that the class DE stage needs to drive not only the load, but also the charge
pump circuit. The energy delivered to the charge pump circuit every switching cycle
is the amount of energy it takes to transfer the charge Qin from the potential of Vin to
the potential of Vbus :
(
)
2
ECP = Vbus · Qin − Vin · Qin = Cp · Vbus · Vin − Vin
(4.5)
The average power over a switching cycle is calculated by multiplying this energy with
the switching frequency.
(
)
2
PCP = f · Cp · Vbus · Vin − Vin
(4.6)
Figure 4.4 shows the power processed by the class DE converter for a 400 V DC bus
voltage, a rectified 230 V AC input voltage and 50 W of output power. The average
power processed by the resonant converter over a line cycle is calculated to be 78.3 W,
which is 57 % more than the power delivered to the load.
In order to increase the eﬀiciency and reduce the size of the converter, it is desirable
to modify the power flow and reduce the component stresses on the class DE stage. A
way to do this is to supply the load directly from the DC-bus instead of the output
of the class DE stage. In order to provide a high power factor, the class DE stage of
the cascaded charge-pump PFC converter presented in [85, 86] needs to have a voltage
conversion ratio close to one, and as such there is little difference in the level of these
two voltages.
The work in [114] (included in thesis as Appendix H) presents a re-configured version of
the topology, where the load is supplied from the DC-bus at the input of the class DE
stage, while the class DE stage only drives the charge pump circuit. A block diagram
of this parallelized converter structure is shown in Figure 4.5.
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Figure 4.5: Re-configured charge-pump PFC converter presented in [114]. Output load
is supplied directly from Vbus , and the class DE converter only drives the charge pump.
In this modified structure, the class DE converter operates as a power factor correction
port, connected in parallel with the load or downstream DC/DC stage. As a result, it
only needs to supply the power for the charge pump, allowing for a more compact design
or a higher conversion eﬀiciency. Figure 4.6 shows a circuit diagram of the full PFC
stage. For a converter with the same specifications as the one in figure 4.4, the power
processed by the class DE stage in this configuration will be 28.3 W, corresponding to a
64 % reduction compared to the cascaded configuration. Assuming that the eﬀiciency
of the class DE stage is itself is unchanged, the resulting eﬀiciency of the full PFC
converter is expected to be around 94 % at full power.

Figure 4.6: Circuit schematic of PFC port [114]. The resonant current, ires , drives the
charge pump consisting of Cp , Dp1 and Dp2 , which provide power factor correction.
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(a) Top view

(b) Bottom view (mirrored)

Figure 4.7: Prototype of 50 W PFC port. (Figure from [114].)

4.3

Prototype and Results

A 50 W prototype of the power factor correction port [114] was constructed and its
operation verified experimentally. Figure 4.7 shows the prototype. In addition to the
topological reconfiguration, the converter has been equipped with a control loop consisting of a PI controller and a voltage-controlled-oscillator, enabling control of the
output voltage across different power levels through frequency modulation.

Figure 4.8: Size-comparison of 50 W PFC port [114] (left) and 50 W cascaded class
DE charge-pump PFC converter [85, 86] (right). 1 euro coin for scale.
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Figure 4.9: Measured high-frequency waveforms in PFC port at 325 V DC input voltage.
Scaling is 100 V/div and 500 mA/div on the y-axis and 2 µs/div on the x-axis. Shown
voltages and currents are annotated in figure 4.6. (Replotted figure from [114].)
While the cascaded version of the charge-pump PFC converter [85, 86] was operated at
a switching frequency of 1 MHz, this prototype is designed for a frequency of 200 kHz,
but is nonetheless significantly smaller in size due the reduction in processed power.
Figure 4.8 compares the size of the two converter prototypes.
Figure 4.9 shows a series of high-frequency switching waveforms in the prototype. The
measurements are made for an input voltage of 325 V DC, corresponding to the peak
voltage in nominal European mains, with the converter processing 100 W of power. Due
to lack of adaptive dead-time control, diode conduction occurs in the inverter switches
at both transitions, but no hard-switching is taking place at this input voltage level.
Figure 4.10 shows the low-frequency input and output waveforms of the converter, for
a 230 V AC input voltage and 50 W output power. The input current follows the
input voltage and have a largely sinusoidal shape. Due to a design choice, a slight dead
angle appears around the zero crossings. As some hard-switching occurs at lower end
of the input voltage cycle, the size of this dead angle is a trade-off between conversion
eﬀiciency and input current THD.

Figure 4.10: Measured line-frequency waveforms in PFC port. Scaling is 100 V/div and
200 ma/div on the y-axis and 10 ms/div on the x-axis. Shown voltages and currents
are annotated in figure 4.6. (Figure from [114].)
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Figure 4.11: Eﬀiency and THD vs. output power for PFC port [114] and cascaded class
DE charge-pump PFC converter [85, 86]. (Replotted figure from [114].)
The PFC operation of the converter has been verified experimentally with output power
ranging from 20-50 W. Power factor, THD, and conversion eﬀiciency of the converter
was measured using a N4L PPA 5530 Precision Power Analyzer. The converter provides a power factor of 0.99 and harmonic content in compliance with standards [6, 7]
across the entire measured power range.
Figure 4.11 shows measured values of converter eﬀiciency and input current THD for
different power levels. The results are compared to those of the cascaded class DE
charge-pump PFC converter [85, 86].
As shown in figure 4.11, the PFC port [114] achieves an eﬀiciency of around 92 %
and a THD below 8 % across the full range. An eﬀiciency improvement of up to 8
percentage points is achieved in comparison with the cascaded class DE charge-pump
PFC converter [85, 86], in addition to the size reduction shown in figure 4.8. With
a switching frequency of 200 kHz, this prototype is switching at a considerably lower
frequency than the 1 MHz of the cascaded version [85, 86], and it is expected that
further size reduction can be achieved if the switching frequency is increased.

5
Quasi-Distributed Air Gaps in
Resonant Inductors
This chapter describes research on the benefits of using resonant
tank inductors with multiple air gaps. The work is described in
further detail in Appendix G.

5.1 Distribution of Air Gaps
As explained in section 2.3.2, the equivalent resistance of an inductor winding at a
given frequency depends on both the configuration of the winding and the shape of the
surrounding field. For inductors in the resonant tanks of resonant converter topologies
this is particularly important, as they are exposed to pure AC currents and the winding
losses related to proximity- and skin effect are often significant [93].
As a rule of thumb, skin effect needs to be taken into consideration when the diameters
of wires in the inductor winding are larger than their skin depths, δ [93]. The skin
depth of a conductor at a given frequency, f , is given by
√
ρ
δ=
(5.1)
π · µr · µ 0 · f
where ρ and µr are the resistivity and relative permeability of the conducting material.
For copper at a temperature of 20◦ C, the skin depth can be approximated as
dcu ≈

66 mm
√
f

(5.2)

Higher operating temperatures results in an increased skin depth, as the resistivity is
increasing with temperature [93]. Through the use of litz wire, the impact of skin effect
can be reduced. Using commercially available litz wire of strand diameters down to
20 µm [115], skin effect can effectively be suppressed at frequencies up to 10 MHz.
Proximity effect, however, can have considerable impact at lower frequencies, depending
on the configuration of the inductor winding and core. In particular so, if the core
includes one or more air gaps. The losses related to proximity effect in a single round
wire with length lw , diameter d, and a sinusoidal excitation can be calculated by the
following expression [103]:
Ppe =

2 · π 3 · f 2 · lw · d4
2
· Brms
128 · ρ

(5.3)
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where Brms is the spatial RMS value of the flux density in the winding at peak winding
current. For a litz wire winding consisting of n strands, the loss is n times larger.
As the losses from proximity effect scale with B 2 , the strength and distribution of the
B-field in the winding window affects these losses and the equivalent winding resistance.
As the the addition of an air gap in the flux path cause flux fringing and affects the
field-shape, this can lead to increased losses in nearby windings [93]. The effect on the
field shape is more significant for large air gaps, and as such it is desirable to achieve
the needed core permeability through several smaller gaps rather than a single large
one [107].
The work in presented [102] (included in thesis as Appendix G) investigates the effects
of implementing a quasi-distributed air gap in a ferrite core by dividing the gap between
the two half cores into several sections separated by thin slices of magnetic material.
Figure 5.1 shows a conceptual drawing of the core with the gap separated into four
sections.
The used core is an EFD 25/13/9 core made from the ML91S material from Hitachi
Metals [95]. The slices are manufactured by Hitachi Metals as well, and made from a
custom design with dimensions matching those of the legs in the EFD core. Each slice
has a thickness of 0.5 mm, and the outer dimensions and material properties of the
core is shown in table 5.1. The core loss density of the used core material is specified
as 100 kW
for a sinusoidal flux density of 50 mT amplitude at a frequency of 1 MHz
m3
[95], and the test inductors in [102] are designed for this core excitation in order to
have predictable core losses. Aiming for an an inductance of 150 µH and a current
amplitude of 1 A, the required number of turns to achieve a peak flux density of 50 mT
is calculated by rearranging equation 2.10 and using the minimum cross-sectional area
in the core.
Ip · L
1 A · 150 µH
=
≈ 54 turns
(5.4)
N=
Amin · Bpk
55 mm2 · 50 mT

Figure 5.1: 3D drawing of EFD 25/13/9 core with multiple air gaps. The gaps are
separated by thin slices of magnetic material. By splitting the gaps into multiple
sections, flux fringing and resulting winding losses can be reduced. Dimension a and b
are specified in table 5.1. (Figure from [102].)
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Core dimensions
Ae
Amin

a

b

12.5 mm

12.5 mm

58 mm2

55 mm2

Ve
3300 mm3

Material specifications
Material
Relative
permeability
ML91S [95]
900

Table 5.1: Dimensions and material properties of the ferrite core used in [102]. Dimensions a and b are shown in figure 5.1.
Based on this calculation, a 54-turn winding consisting of 40×50 µm litz wire is designed
for the core. From equations 5.1, the skin depth of copper at 1 MHz is calculated to
66 µm, and as such the winding is assumed to be unaffected by skin effect. Air gaps
are then sized to achieve the desired inductance of 150 µH.
The strength of the B-field in the winding window of a given core depends on the
current flowing in the winding, but the field-shape can be simulated using FEM tools.
Knowing the shape, dimension and relative permeability of the core, the field shape in
the winding window for different core configurations was characterized in [102] using
2D magnetostatic field simulations in ANSYS Maxwell. Figure 5.2 shows the simulated
field shape in the winding window for a closed core and a core with the its two halves
separated by a 1.6 mm gap. The relative permeability of the closed core has been
modified in order to give the two core configurations the same effective permeability.

(a) Closed core.

(b) Core with 1.6 mm air gap.

Figure 5.2: Simulated shape of B-field in winding window of EFD 25/13/9 core with
and without air gap. The two cores have the same effective permeability. Distance
between field lines indicates flux density in a given area, with closer lines indicating a
higher flux density. (Figures from [102].)
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The core shown in figure 5.2a represents an ideal case where the reluctance in the flux
path is evenly distributed with a uniform permeability. In this case, the highest flux
density in the winding window occurs at its corners. The gapped core in figure 5.2b
have notable field fringing around the gaps, and the highest flux density occurs around
the gaps. As the field lines in the winding window are denser than for the closed core,
this core configuration have a higher flux density in the winding region.
Similar simulations were performed for with the number of gap sections increasing from
two to seven with the effective permeability of the core kept constant [102]. Figure 5.3
shows field simulation for cores with 3 and 5 gap sections. In both cases, the highest
flux density occurs around the gaps, but the gap impact on field shape is decreasing
with the increased number of gap sections.
From the field simulation, the flux density in the winding region of the different core
structures was compared. Table 5.2 shows the relative values of BRM S and Ppe for the
simulated structures. All values are normalized to the case with a single gap section
for comparison.
The simulated data in table 5.2 shows that the proximity effect losses in a winding on
the core with a single gap between the half cores will be more than ten times higher
than that in a winding on an ideal closed core of the same effective permeability. By
dividing the gap into seven sections separated by ferrite slices of 0.5 mm thickness, the

(a) Core with 3 gap sections of 500 µm each.

(b) Core with 5 gap sections of 270 µm each.

Figure 5.3: Simulated field shape in winding windows of cores with 3 and 5 gap sections.
Air gap impact on field shape decrease as number of gaps increase. (Figures from [102].)
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No. gap sections
Brms (norm.)
Ppe (norm.)

1
1.00
1.00

2
0.93
0.87
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3
0.88
0.78

4
0.85
0.72

5
0.79
0.63

6
0.76
0.58

7
0.73
0.55

0 (Closed core)
0.31
0.09

Table 5.2: Simulated Brms and proximity effect loss, Ppe , in winding region of core with
increasing number of air gap sections and constant effective permeability. All values
are relative to the case with a single gap section. (Data from [102]).
winding losses from proximity effect is expected to be reduced by 45 %.
On the other hand, the addition of the ferrite slices is expected to increase the core
losses in the inductor as the core volume is increased. Furthermore, recent research
indicates that additional losses should be expected due to surface losses in the ferrite
slices [116].

5.2 Measurements and Results
Inductors with the same winding on 7 different core structures were tested experimentally in [102]. Figure 5.4 shows the winding on a core structure with the gap divided
into 4 sections. The size of the gaps are controlled by inserting plastic sheets of equal
thickness between the ferrite slices.
The half-bridge test circuit shown in figure 5.5 was used to excite the inductors under
test with large-signal AC currents with an amplitude of 1 A. The resonant capacitor
Cres was sized to achieve resonance with the inductor under test at the 1 MHz test
frequency.
1
1
= 169pF
(5.5)
Cres = 2
=
ωtest · Ltest
(2π · 1 M Hz)2 · 150 µH
This capacitor was implemented as a parallel connection of three SMD capacitors in
order to minimize the series resistance. In order to ensure linearity, C0G type capaci-

Figure 5.4: A 150 µH inductor with gap between half cores divided into 4 sections
separated by 0.5 mm ferrite slices. Inductors like this is characterized in [102].
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Figure 5.5: Schematic of test circuit used for large-signal AC characterization of inductors. Capacitor Cres is sized to achieve resonance with inductor under test, Ltest , at the
operating frequency. Amplitude of the sinusoidal inductor current, iL , scales with DC
input voltage, Vin , and the resulting current is observed by measuring voltage Vsense
over the current sense resistor, Rsense . (Figure from [102].)

tors were used.
The shape and amplitude of inductor current iL was observed by measuring Vsense , the
voltage across the sense resistor Rsense , and its amplitude was set to 1 A, by adjusting
the DC input voltage of the test circuit, Vin . Through fine-tuning of the switching frequency, full resonance was achieved, in order to keep voltages Vsw and Vsense in phase
and minimize the impact of phase-errors in the measurements [102]. Figure 5.6 shows
a set of measured waveforms for the core configuration with 7 gap sections.
From the measured waveforms, the power loss in the series connection of Cres and Ltest

Figure 5.6: Measured waveforms of the voltages annotated in figure 5.5 for a test
inductor with air gap in 7 sections. From these waveforms, the losses and equivalent
resistance of the inductor under test is derived. Scaling on the y-axis is 2 V/div for
Vsw and 500 mV/div for Vsense , scaling on x-axis is 500 ns/div. (Replotted figure from
[102]).
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was calculated as

(

Pres = (iL · (Vsw − Vsense )) =

Vsense · (Vsw − Vsense )
Rsense

)
(5.6)

Based on the measured RMS values of Vsense , the equivalent series resistance of the
components was calculated.
ESR =

2 · Pres · Rsense
2 · Pres
=
2
2
Vsense,rms
iL,rms

(5.7)

Table 5.3 shows the calculated power loss and ESR of the resonant tank for the different
core configurations. Measured inductance values and test frequency is also specified.
From this data, the Q-value of the inductors are calculated in order to normalize the
ESR with respect to inductance and frequency. For this calculation, all losses in the
resonant tank are assumed to occur in the inductor.
2π · ftest
(5.8)
Q=
ESR
Figure 5.7 shows the calculated Q-values of the tested inductors.The inductor with its
gap divided into 7 section has a 25 % higher Q value than the one with a single gap.
The improvement gained from each additional gap section is decreasing with higher
numbers.
In order to isolate the losses related to proximity effect, [102] estimated the core losses
in the different inductor configurations based on their core volume, as well as the losses
related to DC resistance in the inductor winding and series resistance of capacitor Cres
and connections between the tested inductors and the test board. The losses related to
proximity effect in the inductor winding was calculated by subtracting these other loss
estimates from the measured losses in table 5.3. Figure 5.8 shows the estimated proximity effect winding losses of the different inductor configurations and compare them
to the values expected from table 5.2. As expected, a trend of decreasing losses with
increased number of gap sections appears. The unevenness of the decrease for some of
the measurements is likely due to slight misalignments in the ferrite slices, causing flux
crowding and larger core loss estimated.
The research presented in [102] shows that significant reductions in inductor AC winding
loss can be achieved by inserting slices of ferrite material in the gap of standard core
shapes.
No. sections
1
2
3
4
5
6
7

Ltest [µH]
152.4
150.9
147.0
151.6
148.9
147.5
147.8

ftest [kHz]
991
997
1011
998
1004
1009
1012

Pres [mW]
1610
1600
1470
1450
1330
1280
1310

ESR [Ω]
3.22
3.16
2.93
2.87
2.64
2.56
2.57

Table 5.3: Measured inductance and power loss and equivalent series resistance of
resonant tank with increasing number of air gaps in inductor core. Loss and resistance
is derived from measured waveforms of Vsense and Vsw . (Data from [102].)
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Figure 5.7: Calculated large-signal Q value of inductors tested in [102]. All inductors
are excited with a sinusoidal current with an amplitude of 1 A at 1 MHz. (Figure from
[102].)

Figure 5.8: Estimated winding loss from proximity effect in inductors tested in [102]
compared with predicted losses in table 5.2. Losses are calculated by substracting
estimated core loss, loss in Cres and loss related to winding DC resistance from the
measured power loss in table 5.3. (Figure from [102].)

6
Other Work
This chapter covers various other research conducted as part of
this project. The work described in section 6.1 was presented
at the 6th International Workshop on Power Supply-On-Chip
(PwrSoC 2018) and is attached as Appendix B.

6.1 Stacked Class E Resonant Converter for European
Mains
The work presented in [19] describes a 9 W offline recitifier for US mains voltage
operating at a switching frequency of 37 MHz. This converter utilizes the concept
of input-output rearranging of resonant converters described in [117] and stacking of
inverter stages in order to reduce the voltage stresses on individual components and the
total power processed by the converter. By stacking three class DE inverters between
the output and input voltage of the converter, the input voltage of each inverter stage
is limited to:
Vin − Vout
Vinverter,in =
(6.1)
3
The converter achieves an eﬀiciency of 89.4 % and a power factor of 0.96, but suffers
from a 100 % output ripple, as the output capacitor is fully discharged twice in every
line cycle.
The conference poster [48] (included in thesis as Appendix B) presents an expanded
version of this converter, designed for a constant output voltage of 110 V, European
mains input voltage and 50 W output power. As the proposed design is intended for
use with European rather than US mains, the number of stacked inverter stages have
been increased to four, resulting in a maximum input voltage on each inverter stage as
calculated in equation 6.2.
Vinverter,in,max =

Vin,peak − Vout
325 V − 110 V
=
= 54 V
4
4

(6.2)

For a class E inverter stage operated at 50 % duty cycle, this should result in a peak
switch-node voltage of 184 V, enabling the use of 200 V switching devices. Figure 6.1
shows a block diagram of the expanded converter structure. The four inverter stages
share a single resonant tank inductor and a rectifier, while the resonant tank capacitors
serve as DC isolation between the different stages. Using a self-oscillating gate driver as
described in [46, 49], the converter is designed for a switching frequency around 35 MHz.
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Figure 6.1: Stacked class E resonant converter for European mains input voltage (figure
from [48]).

The gate driving circuit is designed to start oscillating, when the input voltage of the
individual inverter stages reaches 30 V. This results in 3 different operating intervals for
the converter: When the input voltage is lower than the output voltage, no input current is drawn. When the input is larger than the output voltage the input diode bridge
is conducting and capacitors are charging. When the voltages across the inverters are
larger than 30 V, the converter is operating and the load is supplied both directly from
the input and indirectly through the resonant converters.
Simulated waveforms for input voltage and current over a half line cycle are shown in
Figure 6.2. The coloured boxes mark the different operating intervals of the converter.
Based on this simulation, the converter achieves a power factor of 0.93 and an eﬀiciency
of 90.3 %. However, the converter suffers from a high input current THD of 38 % and
exceeds the limits on harmonic content set by [6, 7]. In addition, the design offers little
to no flexibility in terms of output power and require precise timing control, as nonsynchronous operation of the stacked inverters during start-up will cause an unbalanced
voltage distribution among the inverters, likely resulting in destructive overvoltage on
the switching devices.
For these reasons, the presented design was abandoned in favour of the class DE-based
designs in described in chapters 3 and 4.
A benefit of the presented design, however, is the reduced voltage stresses on the individual inverter stages achieved by the stacked structure. This reduces the voltage
rating requirements on the components and widens the range of applicable devices.

6.2 System-in-Package for Class DE Inverter
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Figure 6.2: Simulated line-frequency waveforms for stacked class E converter. Input
voltage (red) and input current (blue). (Figure from [48].)

For DC/DC applications with constant input voltage, where the converter is operating
continuously, the design might be beneficial.

6.2 System-in-Package for Class DE Inverter
In an attempt to enable higher power density in class DE inverter stages, a variety of
system-in-package (SiP) circuits were designed and manufactured. Figure 6.3 shows
a schematic of the circuits, which consist of a half-bridge inverter module, including
two switching devices, a decoupling capacitor and two gate-connected inductors for
self-oscillating switching operation [46] at a frequency of around 10 MHz. Four external pads connect to the circuit from outside the package - One for ground connection,

Figure 6.3: Schematic of inverter module.
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one for the inverter input voltage, one for the switch-node, and one for the low side
gate-terminal to start and stop the oscillations of the gate-signal.
By assembling a circuit in a single package, it is possible to reduce its overall volume
and minimize unwanted parasitics. For the circuit in this application, some of the most
critical layout-affected parasitics are the inductance of the decoupling loop, the inductance between the two transistors and the switch-node, and the capacitance between
the switch-node and all other nodes in the circuit.
In order to create these SiPs, bare-die versions of selected silicon and gallium nitride
transistors were acquired, and integrated capacitors and inductors were designed by
LEDLUM industry partners Murata [118] and Tyndall [119] National Institute.
Three different versions of the system were designed, using different transistors and
either discrete or integrated decoupling capacitors. With components rated for 500 V
or above, the SiP should be capable of operating from both rectified AC mains or an
intermediate DC bus in a two-stage offline converter. All components were soldered
or wire-bonded onto a small PCB and encapsulated in an epoxy molding material for
protection. Figure 6.4 shows the assembled modules.

Figure 6.4: Packaged half-bridge modules for class DE inverter. 10 euro cent coin for
scale.
During testing of the assembled SiPs, a critical problem appeared, preventing their use
in the intended applications.
Due to temperature limits of the gate transformer, soldering of that component was
not possible, and wire-bonding was used to connect it to the rest of the circuit. This
increased the ESR of the inductors considerably, resulting in a Q-value of 4 at the
intended frequency of operation, which was found to be too low for self-oscillating
switching.
Meanwhile, during the work presented in chapter 3, it became clear that active driving
of the half bridge was required in order ensure operation in the input voltage range
needed to meet the requirements on power factor and THD [6, 7, 23]. For this reason,
the work on the SiP was ultimately abandoned in favour of more flexible, discrete
implementations.

7
Conclusion and Future Work
This chapter summarizes the thesis contributions, makes conclusions on the presented work and describes future work.

7.1 Summary
The Ph.D. project described in this thesis has focused on the main topic “Eﬀicient
Resonant Converters for Power Factor Correction in Solid State Lighting Applications”.
During the project, several methods for applying resonant converter topologies as power
factor correction converters for European mains voltage, and ways to improve their efficiency, have been investigated and published.
Current requirements on the power factor and input harmonics of LED drivers, and
common methods of providing power factor correction were investigated in chapter 2.
Different resonant inverter and rectifier topologies were analysed and considered, and
the class DE topologies were found to be best suited for the application due their low
voltage stresses.
A thorough analysis of the operation of a class DE converter was presented in chapter 3, and a method for compensating its inherent non-linearities through frequency
modulation was developed. A converter prototype capable of operating at DC input
voltages ranging from 60–325 V with a linear relationship between input voltage and
current was presented and shown to achieve zero-voltage switching over a full decade
of output power with conversion eﬀiciency of up to 94 %. Based on its performance in
DC-DC operation, it is expected to provide a power factor of 0.99 in AC-DC operation
if equipped with an adequate control loop.
The concept of power factor correction through the use of a charge pump circuit driven
by a resonant converter was investigated in chapter 4. Through reconfiguration of a previous design, a new PFC converter structure was presented. The presented converter
utilizes a class DE resonant converter as a “power factor correction port”, connected
in parallel with the load of the converter, in order to drive a power factor correction
charge pump circuit. The presented prototype provided a power factor of 0.99 with an
input THD below 8 % for an output power range of 20-50 W with an eﬀiciency above
90 % in the the full power range and 92.2 % at peak output power.
Lastly, the stresses on the magnetic components in resonant converters were analysed,
and state-of-the-art ferrite material for MHz-operation were studied. Relevant loss
mechanisms for inductors with large AC currents, and methods of reducing them,
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were investigated and considered. In chapter 5, the benefits of implementing quasidistributed air gaps in a standard core shape was investigated through simulations
and experiments with custom-made ferrite slices for gap-separation. The modified gap
structures was shown capable of reducing the losses in nearby windings considerably,
and for a reference design, the technique was used to achieve a 25 % increase in the
inductor Q value.

7.2

Conclusion

The work described in this thesis presented several techniques and concepts enabling
the use of resonant converter topologies for power factor correction. Demonstrated converter prototypes meet current requirements on power factor and harmonics content,
and the presented techniques for inductor design decrease the losses in the magnetic
components. The three major contributions of the presented research are as follows:
Resonant power converters were previously mostly used in DC-DC applications, due
to their sensitivity to changes in load and operating conditions (see section 2.2). The
research presented in this thesis opens up new opportunities for their use, by presenting
a frequency modulation scheme that allows operation over a wider range without sacrificing the benefits from soft-switching. While previous work on resonant converters
for AC input voltage showed soft-switching operation over a 38 % variation in input
voltage [19], the work presented in chapter 3 operates over a 82 % variation.
Through the parallel PFC structure utilized in the presented power factor correction
port, an improved power flow is obtained, and stresses and losses in PFC stages can
be reduced. The prototype presented in chapter 4 achieves an eﬀiciency of 92.2 % —
a significant improvement compared to the 84 % of the cascaded version of the same
design presented in [85], or 89.5 % [113] and 85 % [112] of other charge-pump based
PFC converters at similar power levels.
Lastly, the presented research on quasi-distributed gap techniques in magnetic components enables increased conversion eﬀiciencies in resonant power converters of any type.
By successfully implementing soft-switching resonant converters as power factor correction stages in offline converters, the road is paved for power factor correction at
higher switching frequencies than previously possible. This could, in turn, lead to more
compact LED drivers, and offline converters in general. By shrinking the size of PFC
converters, they can be applied in applications where it was previously not possible or
practical due to size constraints.

7.3

Future Work

The work presented in this thesis provides many options for implementation of eﬀicient
resonant converters in power factor correction systems. For each of the described research topics and presented prototypes, however, several opportunities for improvement
or further research appear. Some ideas for future work are listed below.
• Implementation of a control loop for the class DE converter with wide input volt-
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age range presented in [59]. With a controller capable of providing the required
non-linear frequency modulation, the presented converter and its prototype can
be applied as a PFC converter for European mains voltage.
• Implementation of adaptive dead-time control in the power factor correction port
presented in [114]. With adaptive dead-time ensuring ideal zero-voltage switching
over the full line cycle, losses can be reduced further.
• Design of a power factor correction port with higher switching frequency. The
presented prototype is switching at a frequency of 200 kHz, but operation at
higher switching frequencies should be possible as well. As the resonant tank
inductor in the current prototype is designed to avoid core saturation rather
than to minimize losses, an increased frequency might decrease the losses in the
resonant tank.
• Use of inductors with quasi-distributed air gaps in the presented converter designs.
In the converter prototypes presented in this thesis, the resonant tank inductors
are designed with a single air gap. By implementation of quasi-distributed air
gaps as presented in [102], the losses in their resonant tanks can be reduced and
converter eﬀiciency increased.
• Expansion of input voltage range to universal mains. The converters presented
in this thesis are designed for nominal European voltage mains input (230 Vrms /
50 Hz), but expanding the range to universal mains (85 − 264 Vrms / 50-60 Hz)
would widen the scope of applications.
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Abstract—Connectivity in smart devices is increasingly realized
by wireless connections. The remaining reason for using connectors at all is for charging the internal battery, for which wireless
power transfer is an alternative. Two industry standards, AirFuel
and Qi, exist to support compatibility between devices. This
work is focusing on the AirFuel standard, as it is operating at a
higher frequency (6.78 MHz), than the Qi standard, and therefore
allows smaller passive components, including the coupling coils.
Whereas gallium-nitride (GaN) devices are being widely used
on the transmitter (Tx) side, this work uses low voltage GaN
transistors on the receiver (Rx) side to allow synchronous
rectification and soft switching, thereby achieving high efficiency.
After analyzing adequate Class-DE rectifier topologies, a ClassDE full-bridge 5 W rectifier using 15 V GaN transistors are
designed and implemented. The experimental results show an
efficiency above 80 % over a wide operating range and a peak
efficiency of 89 %, at an arbitrary alignment of Tx and Rx coils
with 3 cm distance between them.
Index Terms—Wireless power transfer, AirFuel, synchronous
rectification, resonant circuit, soft-switching, GaN devices.

I. I NTRODUCTION
In recent years, the attention to wireless charging technologies for consumer applications, as shown in Fig. 1, has
grown dramatically. Avoiding the connectors in smartphones
and tablets allow for a further increase in their robustness
(e.g. water proof cases) and gives more space for energy
storage in the battery to increase the battery life. Therefore,
two standards were created; Qi [1] and AirFuel [2]. Research
activities, addressing the lower frequency (87 - 205 kHz) Qi
standard [3]–[7] and the higher frequency (6.78 MHz) AirFuel
standard [8]–[18], grew as well. Some work [19], [20] are
targeting both standards and other work [21], [22] reported
operation outside those standards. Higher frequencies promise
size reduction of passive components. In terms of wireless
charging applications, this results in smaller transmitter (Tx)
and receiver (Rx) coils. Therefore this work focuses on the
AirFuel standard. Gallium nitride (GaN) devices are used
in [12], [15], [18] to reduce switching losses on the Tx
side. Synchronous rectifiers, typically used in high power
applications [23], [24], address the conduction losses on the Rx

side in [3], [7], [13]. This work combines these two advantages
on the Rx side with a synchronous rectifier based on GaN
devices, fulfills the AirFuel standard [2] and addresses the
specification in table I. This paper presents the work of [25].

Power
Converter

Matching
Network

Matching
Network
Tx Coil

Rectifier

Regulator/
DC_DC
Converter

Load

Rx Coil

Fig. 1. Block diagram of the elements in a wireless power transfer (WPT)
system

TABLE I
D ESIGN SPECIFICATIONS
Output power Pout
Output voltage Vout
Operating frequency fsw [2]

5W
5V
6.78 MHz

II. T OPOLOGY SELECTION
Synchronous rectification for WPT is being researched, as
it is a potential way to overcome the losses associated with
diodes, which are currently used in WPT systems. Other work
such as [3], [4], [7], [13], [14], [26]–[28] look into ways
to implement and optimize control schemes for synchronous
rectifiers.
This work uses a comparator to sense the voltage across
the synchronous rectifier, as shown in Fig. 2 based on [25].
To overcome propagation delay of the gate driver, a delay is
implemented between the comparator and the gate driver. This
helps correct the delay of the last period in the next switching
period, which is tuned to achieve soft switching.
Resonant topologies [10], [14], [16], [17], [29] are very
promising for wireless charging applications, as they allow
precise impedance matching to the Tx and Rx coils and
simultaneously provide high energy efficiency due to their
ability to soft-switch the power devices.

D
D1

−

CD1

COut

Vin+

τ

GD

+

RLoad

G
Vin-

D2

CD2

COut

S
Fig. 2. Block diagram of the synchronous rectification circuit. τ is delay
compensation and GD is the gate driver.

Whereas [10], [14], [16], [17], [29] use the Class-E topology
to avoid high-side switches and therefore come with a high
voltage stress across the power semiconductor, [30], [31]
document the Class-DE topology and its corresponding highside gate driver [32], [33] as alternative. Within the currentdriven Class-DE rectifier family, Fig. 3 shows three members.
For the implementation in this work, each of the diodes is
replaced with a comparator-transistor combination shown in
Fig. 2.
Three topologies were investigated: the Class-DE halfbridge rectifier described in Fig. 3a [34] , a Class-DE fullbridge rectifier based on the half-bridge in Fig. 3b and the
half-wave Class-DE low dv/dt rectifier described in Fig. 3c
[35]. These three topologies were simulated in LTspice with
synchronous rectification instead of diodes. To find the transistor with the best performance for the specifications, multiple
transistors where analyzed using figures of merit (FOM).

(a)

D1

CD1

Vin+
COut
D2

RLoad

CD2

Vin(b)

D1

D3

Vin+
COut
Vin-

A. Transistor FOM Analysis

D2

RLoad

D4

With the help of figures of merit, see (1) - (3), several potential power devices are investigated based on their datasheet
parameters [36]–[41]. The result of the investigation is shown
in table II.

(c)

F OM1 = QISS · RDSon

(1)

Fig. 3. Current driven soft-switching rectifier circuits. (a) is the Class-DE
half-bridge rectifier, (b) the Class-DE full-bridge rectifier and (c) the halfwave Class-DE low dv/dt rectifier.

F OM2 = QGD · RDSon

(2)

F OM3 = QOSS · RDSon

(3)

The FOM2 says something about the frequency range the
device can operate in, were QGD is the gate-drain charge,
but the focus is on the input characteristics FOM1 and the
output characteristics FOM3 . QISS and QOSS are the input
charge and output charge of a transistor respectively. QISS
is found from the datasheet QG vs. VGS plots for the given
drain-source. Some of the datasheets do not show the plot
for 5 V drain-source voltage, in which case 6 V or 4.5 V is
used. QOSS is approximated by integrating output capacitance
COSS in the full drain-source voltage range. This is important
as the capacitances vary with voltage. RDSon is the resistance
from drain to source when the transistor is in the ON-state.

This method of evaluating transistors based on their FOM has
also been done in works like [42].
Comparing the GaN EPC2040 [36] device in table II with
the silicon (Si) based devices [37]–[39], [41], the GaN device
is superior by a factor of 6 and 3 with respect to FOM1 and
FOM3 and therefore chosen. A visualization of the transistor
FOM can be seen in Fig. 4.
Iout =

Vout =

Im
→ Im = 6.28 A
2π

Im
Im
→ CD1 + CD2 =
ω(CD1 + CD2 )
Vout · ω
→ CD1 = CD2 = 14.75 nF

(4)

(5)

TABLE II
T RANSISTOR SELECTION BASED ON FOM1 AND FOM3 BASED ON DATA FROM [36]–[41]
Transistors:
EPC2040 (GaN) [36]
SiUD412ED (Si) [38]
Si4838DY (Si) [39]
Si2342DS (Si) [40]
DMN1260UFA (Si) [41]
Si1050X (Si) [37]

RDSon [mΩ]
28
340
3
17
366
86

Voltage Rating [V]
15
12
12
8
12
8

FOM 1
FOM 3

FOM / pVs

500
400
300

Si GaN

200
100

20
C
EP

41
2
D
U

40

ED

Y
38
D

S
Si

48

42
D
23
Si

Si

Topology:
Class DE Half-Wave low dv/dt Rectifier:
Class DE Half-Bridge Rectifier:
Class DE Full-Bridge Rectifier:

Fig. 4. Visualization of the transistors FOM values

The method presented in [35] with the specifications from
this work. results in the need of extra capacitance at the drainsource of each transistor, as the EPC2040 only has 70 pF drainsource capacitance [36]. The equations from [35] are shown
in (4) and (5), where Iout and Im are the output current and
magnitude of the input current respectively. Vout is the output
voltage, CD1 and CD2 are the drain-source capacitances and
ω is the angular frequency of the input signal. Any deviation
from soft-switching would result in large switching losses
due to the added capacitance, which is undesired. With the
added capacitance the input current amplitude is 6.28 A, see
(4). In the simulation, it is found that having only the drainsource capacitance of the EPC2040 results in an input current
amplitude of 3.14 A, for both half-bridges. The input current
amplitude of the full-bridge is 1.57 A, when using only the
EPC2040 drain-source capacitance.
B. Component Stress Factors
Wj

j

Wi
P
Wj

2
2
Vmax,i
IRM
S,i
2
P

(6)

2
2
Vmax,i
IRM
S,i
(7)
2
Wi
P
Component stress factors (CSF) are used to evaluate the three
topologies and to see which best fits with the specifications. As

CCSFi =

j

F OM3 [pVs]
9.996
34.68
47.15
42.63
77.35
109.83

WITHOUT WEIGHTING

Devices

SCSFi =

F OM1 [pVs]
20.86
170
135
178.5
384.3
679.4

TABLE III
C ALCULATED COMPONENT STRESS FACTORS OF THE THREE TOPOLOGIES

D

M

N

12

Si

60

10

U

50

FA

X

0

P

Qoss [pC]
357
102
15717
2508
211
1277

there are no inductive elements in any of the three topologies,
only the semiconductor stress factor (SCSF) and capacitive
component stress factor (CCSF) is calculated, see (6) and
(7). Here VM ax is the maximum voltage the component
experiences and the IRM S is the RMS current running in that
component. Wj and Wi are weighting factors. In this work,
each stress factor is weighted equally. P is the output power of
the converter. The voltages and currents VM ax and IRM S for
each component in each converter are found via the LTspice
simulation. The total SCSF ans CCSF for each converter are
shown in table III.

Transistor FOM characteristic
700
600

Qiss [pC]
745
500
45000
10500
1050
7900

SCSF
4.93
4.93
2.47

CCSF
1.47
0.74
0.25

The full-bridge is shown to experiences the fewest stresses
on the components. Furthermore, it also has a small amplitude
on the output voltage ripple due to the fact that it conducts
power in both switching periods. This is also the reason for the
lower input current. Based on the CSF analysis the full-bridge
topology is chosen.
III. I MPLEMENTATION
Choosing the GaN device EPC2040 [36] for synchronous
rectification, a GaN compatible gate driver is required. The
gate driver also has to have a supply voltage lower than the
output voltage of the receiver, as it would, in a commercial
product, be supplied from the output. In this work the drive
circuitry is supplied from an external source to ensure performance stability in the tests. A block diagram of the fullbridge rectifier is shown in Fig. 5, with the four EPC2040
GaN devices and two LM5113 gate drivers. The voltage sensor
and delay compensation for each high side controls the drive
signals for the high side in one branch and the low side for
the other branch. The delay compensation has been empirically
tuned for these exact components. VD represents the external
source for the control circuit. The gate resistors RGate limit
the current which charges the gate capacitances to protect the
GaN devices.
The designed full-bridge rectifier circuit is implemented on
a printed circuit board (PCB), as shown in Fig. 6, which is
optimized for laboratory measurement purposes. For the final

τ
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Fig. 5. Block diagram of the proposed Class-DE full-bridge rectifier with synchronous rectification.

Fig. 6. Prototype PCB. Red: gate driver and GaN devices, blue: feedback,
yellow: input, pink: comparator and Green: output.

product design, the circuit can be implemented with higher
power density.
A. Impedance Matching
Crx

Fig. 8. Prototype PCB with receiver coil connected. Blue: Crx
Xrec

Lrx
rrx

Rrec

Rectifier Impedance

Fig. 7. Equivalent circuit for impedance matching. Lrx and rrx are the coil
inductance and ac resistance at 6.78 MHz, Crx is the matching compensation
capacitor. and Xrec and Rrec are the rectifiers input reactance and resistance.

jωLrx +
Crx =

1
+ jXrec = 0
jωCrx

(8)

1
ω(ωLrx + Xrec )

(9)

Impedance matching between the rectifier and the receiver
coil is needed to get maximum power transfer at the given
operating frequency.
Fig. 7 shows the equivalent impedance circuit of the receiver coil and rectifier. Rrec and Xrec represent the rectifier
impedance. Lrx and rrx are the inductance and resistance
of the receiver coil at the operating frequency of 6.78 MHz.
At resonance, the reactance should be zero. A compensation
capacitor Crx is added in series with the coil and rectifier to
achieve resonance, see (8) and (9).
Fig. 8 shows the prototype with the receiver coil, where the
green PCB on top is the implemented rectifier, the blue PCB
(bottom) is the Rx coil and the blue box in the middle marks
Crx .
The prototype full-bridge rectifier and receiving coil to-
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IV. EXPERIMENTAL RESULTS
The waveforms of the prototype are verified with a LeCroy
WavSurfer 104MXs-B, 1 GHz, 10 GS/s oscilloscope and
for better visualization plotted in Fig. 9 with the help of
MATLAB. The waveform drawings in Fig. 9 show the softswitching of the power devices.
Fig. 10 shows the measurement setup for the input power
sweep. The red box indicates the placement of the receiving
coil on top of the transmitter coil (large blue plate). The blue
square in the bottom of the picture shows the power amplifier
which drives the transmitter coil. On the right side the rectifier
(purple box) and compensation capacitor (orange box) are
shown.
The input to output power relation is linear and the efficiency of the full-bridge synchronous rectifier, which is
measured with precise multimeters, is above 80 % over a

4

5

4

5

90

80

70

60

gether with the transmitter coil and power amplifier from the
EPC9112 demo kit [43] are combined to form a WPT system.

2
3
Input power / W
(a)

Fig. 9. Measured waveforms. Vin+ and Vout are the inputs of the voltage
sense circuit and Senseout is the output of the sense circuit

Fig. 10. Measurement setup for the efficiency measurements. Red: receiver
coil, blue: inverter, purple: rectifier, orange: compensation capacitor and the
large blue plate is the transmitter coil.

1

0

1

2
3
Input power / W
(b)

Fig. 11. The input output power relation (a) and efficiency of the prototype
(b)

wide load range. Fig. 11 shows these results. The Rx coil and
circuit is arbitrarily placed on top of the Tx coil to resemble
a consumer use case in the best possible way.
Afterwards, the distance between the Tx and Rx coils is
gradually increased by adding multiple 0.75 cm thick foam
bricks as pictured in Fig. 12. Fig. 13 is visualizing the result
of this experiment. Again, the placement after each distance
change was arbitrary, which explains the roughness of the
efficiency plot as a function of distance. The rectifier achieves
a peak efficiency of 89 % at 3 cm distance between Tx and
Rx coils.
V. C ONCLUSION
A full-bridge Class-DE receiver circuit for wireless power
transfer applications fulfilling the AirFuel standard was analyzed using component stress factors. Low voltage GaN
transistors were compared using figures of merit to silicon

was implemented in a wireless power transfer system. The
efficiency of the rectifier circuit is well above 80 % over a
wide load range. The system was able to transmit power above
1 W over a distance of 3 cm. Future work would look into
optimization of the drive circuit and a way to have the drive
circuit powered from either the input or output of the rectifier.
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Simulation performance

Introduction
•

Great demand for compact PFCs in LED products.

•

Driver size can be reduced by increasing switching frequency.

•

This poster: design of 50 W resonant VHF AC/CD converter

Design
•

Stacked configuration reduce voltage stresses and improve
efficiency. [1]

•

Class E inverter and class DE rectifier enables zero-voltage
switching.

Fig. 3 Left: Vds (red) and 10x scaled Vgs (blue) of inverter switch
Right: Rectifier input voltage (red) and current (blue)

Fig. 4 Input voltage (red) and current (blue)

Output power
Efficiency
Power Factor
Input current THD

Fig. 1 Stacking configuration.
•

GaN devices with low parasitic capacitance enable high
switching frequency.

•

Air-core inductors gives high Q magnetics at high frequencies.

•

Self-resonant gate driver enables VHF switching [2].

52.2 W
90.3 %
93 %
38 %

Tab. 2 Simulated converter performance

Conclusion
•

Stacked topology reduce voltage stresses.

•

GaN transistors and air-core inductors enable VHF operation

•

Self-oscillating gate drive enables open-loop operation
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Fig. 2 Class E inverter stage with self-oscillating
resonant gate drive

Input voltage
Output voltage
Switching frequency

230 VAC @ 50 Hz
110 VDC
30-37 MHz

Tab. 1 Converter specifications
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Experimental Results

Introduction
•

Great demand for miniaturization in lighting industry

•

Power supplies are bottle neck, due to their bulky energy
storage components

•

This poster: several design considerations towards miniaturized
LED drivers.

Design Considerations

Fig. 3 Scope image showing the switching node voltage
(blue), sinusoidal resonant inductor current (green), and
gate signals for 350V input voltage.

Fig. 1 Miniaturization Strategy.
•

Topologies: Soft-switching resonant converters

•

Control: Combination of control schemes (e.g. frequency
control + burst mode control)

•

Devices: Wide band-gap (WBG) devices and Integrated
Passive Devices (IPDs) technologies

•

Energy Storage: Active ripple port circuits allowing for
employment of smaller and more robust capacitor technologies

•

Frequency: HF and VHF operation.

Experimental Results
Measurement results of a class-DE series-resonant converter that
can be incorporated for the AC-DC and the DC-DC stages in an
LED driver:

Fig. 4 Efficiency and output power for different output
voltages.

•

Up to 400V input with soft-switching

•

1 MHz operation

•

Operation at high frequencies is key for miniaturization

•

High voltage GaN switches and SiC diodes

•

Good candidate: soft-switching resonant converters

•

Potential for operation in HF and VHF ranges

•

WBG devices show great potential for high efficiencies

•

Frequency modulation can be used for line/load regulation.

•

Combined control can allow for enhanced line/load regulation.

Conclusion

References
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Abstract—This paper presents a power factor correction (PFC)
rectifier for single-phase offline converters. With the addition of a
charge pump circuit comprised of a capacitor and a diode to a
class-DE series-resonant converter, PFC is achieved inherently.
The converter operation is based on soft-switching, and a 1 MHz
50 W prototype employing wide bandgap devices is implemented,
achieving a power factor of 0.99 and a total harmonic distortion
(THD) of 8.6 %, at an efficiency of 84 %, with substantially low
input current harmonic magnitudes compared to the limits set by
the IEC 61000-3-2 standard.

Fig. 1. Offline converter structure. The red box outlines the focus of this work.
+ VP ‐

Input filter & Bridge

Keywords—AC-DC power conversion, rectifiers, power factor
correction, resonant power conversion, wide bandgap
semiconductors.

I. INTRODUCTION
With the recent advancements in industrial electronics that
aim for added performance, reliability, and portability, there
exists a great demand for new technologies in power converters
that can cope with such trend. Pulse-width-modulated (PWM)
converters have been the primary candidate for offline
converters for years, thanks to their high efficiency and power
quality. However, they typically operate at low frequencies in
order to limit the switching losses, as their operation is based on
hard-switching. On the other hand, resonant converters allow for
the utilization of soft-switching techniques through the intrinsic
alternating behavior of the currents and voltages through the
switches, thus expensing substantially lower switching losses,
making them a good candidate for operation at higher
frequencies, which has many benefits including the smaller sizes
for the passive components, higher power densities, higher loopgain bandwidths, and faster transient responses. This has led to
the investigation of their adoption into different applications
typically dominated by PWM converters [1]-[5].
The typical solution for offline converters is a two-stage
architecture, as shown in fig. 1, where the first stage is an ACDC power factor correction (PFC) rectifier, followed by an
energy storage capacitor to filter the double-the-line (100/120
Hz) frequency component, while the second stage is a DC-DC
converter providing the voltage and current levels that apply to
the load electrical characteristics. This conversion has to comply
with a number of regulations dictating the shape of the input
current and harmonic limits to reduce the mains voltage
distortion [6][7].
This paper presents a resonant PFC rectifier for the first stage
in single-phase offline converters. The proposed rectifier, shown
in fig. 2, incorporates an input filter and bridge, a charge pump
This project has received funding from the European Union’s Horizon
2020 research and innovation programme under grant agreement No 731466.
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Fig. 2. Proposed PFC rectifier.

circuit, a DC energy storage capacitor, and a class-DE seriesresonant converter.
The paper is organized as follows. Section II overviews the
principle of operation. The implementation process is illustrated
in section III. Experimental results and waveforms are presented
in section IV. Eventually, conclusion is provided in section V.
II. PRINCIPLE OF OPERATION
A. Class-DE Resonant Stage Operation
A resonant converter is comprised of two stages [8], as
shown in fig. 3. First, an inverter that employs a switch network
which converts the DC (or low frequency AC) input to a high
frequency AC output, followed by a resonant tank that provides
AC-AC gain. The second stage is a high frequency AC-DC
rectifier, where energy is tapped off the resonant tank and
delivered to the load. In this work, a class-DE stage is used in
the converter, which combines the low-voltage stress of class-D
converters and the zero voltage switching (ZVS) capabilities of
class-E converters [9]. Accordingly, the half-bridge switches are
rated for the converter peak input voltage, and with a proper
switching frequency and dead-time adjustment, the resonant
tank current charges/discharges the output capacitances of the
switches, such that their voltages reach the appropriate rail
voltage before switching the gate, thus ensuring ZVS. That, in
turn, allows for design at higher switching frequencies while
achieving high efficiencies.
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Fig. 3. Class-DE series-resonant converter.

B. Charge Pump Circuit Operation
A charge pump electronic ballast circuit was reported in
[10]. Through the addition of a capacitor and a diode to a
conventional high-frequency inverter circuit, the input current
can be regulated to follow the input voltage. In this design, a
series-resonant inverter circuit is used and a high-frequency
rectifier is added for enabling use in AC-DC converters, where
the energy storage capacitor is moved to the converter input to
allow for soft-switching operation with the varying AC line
voltage.
An equivalent circuit for the charge pump is shown in fig. 4,
with CP and DP referring to the pump capacitor and diode, DB to
the input bridge, CDC to the energy storage capacitor, while the
rectifier input, to which the pump capacitor is coupled, is
modelled by an independent high frequency voltage source
VREC. The DC capacitor CDC is designed in accordance with the
pump capacitor CP, such that the voltage VDC is always higher
than VIN, and thus the diode bridge DB and the pump diode DP
do not cross-conduct. Consequently, the input current is equal to
the positive charging current of the pump capacitor CP.
Fig. 5 shows the low-frequency operation of the pump
circuit, where the pump capacitor is charged and discharged
within the fall and rise times of VREC respectively, and the charge
QP is proportional to the voltage difference across the capacitor
VP, which varies between a low-frequency high-value VP_high
and a constant low-value VP_low. The circuit design ensures that
the charge variation of CP, which is proportional to the voltage
variation across it (VP_high – VP_low), follows the input voltage VIN
across the line cycle (50/60 Hz). Accordingly, the average input
current follows the input voltage and a unity power factor can
ideally be obtained.

Fig. 5. Low-frequency operation across half a line cycle (50 Hz).

Fig. 6 shows the high-frequency operation across two
switching cycles, and includes waveforms illustrating the
converter operation at the maximum power point (lt = π/2, with
l being the line frequency) to illustrate the charge pump circuit
operation. Across every switching cycle, at steady-state, the
operation spans four intervals as follows.
In the first interval, the voltage VB is lower than the DC capacitor
voltage VDC and higher than the input voltage VIN, so both the
diode bridge and the pump diode are off and no current flows
through the pump capacitor CP and the voltage VP is constant
(VP_low). The VIN waveform in figure refers to the voltage on the
node interfacing the LC-filter and the diode bridge.
The second interval takes place across the fall time of VREC.
Once VREC starts to decrease, VB has to decrease along, until DB
gets forward biased and VB gets pulled to VIN. While VREC
continues decreasing, with VB constant (as the grid frequency is
significantly lower than the frequency of VREC), VP increases
and CP is charged by the line current IIN, until VREC reaches its
low-value and VP reaches its high-value, where
𝑉

_

𝑉

𝑉

IIN
VIN

DP
+
VB
‐

CDC

Fig. 4. Charge pump equivalent circuit.

IP
+
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+
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‐

1

The third interval begins once VREC settles at the low-value,
where CP stops charging while DP still blocks. Similar to the first
interval, no current flows through the pump capacitor and VP is
constant.

CP
DB

_

‐
VREC

Fig. 6. Operation across two switching cycles.

Eventually, the fourth interval takes place across the rise time of
VREC. Once VREC starts to increase, VB has to increase along until
DP gets forward biased and VB gets pulled to VDC. While VREC
continues increasing, with VDC constant, VP decreases and CP
discharges into the resonant tank, until VREC reaches its highvalue, VREC_high, and VP reaches its low-value, where
_

𝑉

𝑉

2

_

By the end of the fourth interval, operation enters interval 1
again and the cycle repeats. The analysis shows that the input
current is discontinuous and only flows into the circuit during
the second interval.
For a series-resonant converter, the voltage VREC varies between
VOUT and 0 V, where (1) and (2) can be evaluated as follows
𝑉
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_
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The equations show that the high-values for the voltage across
the pump capacitor take the envelope of the input voltage, while
the low-values take the envelope of the difference between the
resonant converter input and output voltages, which can be
considered constant in high frequency. Across one switching
cycle, the variation of charge in the capacitor is
∆𝑄

𝐶 ∙ ∆𝑉
𝐶 𝑉

𝐶 𝑉
𝑉
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The pump capacitor charging current, which is equal to the input
current, averaged across one switching cycle is equal to
𝐼
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where fs is the converter switching frequency. Considering that
the class-DE stage operates near resonance with a high gain
close to 1, the difference between VDC and VOUT will be very
small. Therefore, at steady state, for a constant switching
frequency, the pump capacitor charging current, and accordingly
the input current, become proportional to the input voltage,
resulting in a high power factor and low total harmonic
distortion (THD).
III. IMPLEMENTATION
A prototype is designed and implemented, targeting low to
mid power range applications supplied from European mains. A
switching frequency of 1 MHz is specified for the design, as it
constitutes a good trade-off between converter size and
efficiency, with respect to the range of frequencies that the stateof-the-art magnetic materials allow for. The converter is
implemented and assembled on a two-layer printed circuit board
(PCB). Fig. 7 shows a photograph of the implemented prototype
power stage.
Considering the charge pump circuit operation, high
frequency AC current runs through the input bridge, which is
implemented using four fast-recovery diodes. In addition, as the
resonant tank carries both the charge pump circuit current as
well as the current to the output load, high current stress takes
place at the peak of the input power, which requires custom
design of the resonant inductor. For such application with high

Fig. 7. Prototype power stage.

frequency AC current, the choice of the magnetic material is of
key importance. Fig. 8 shows a comparison of several highfrequency magnetic materials in terms of core losses at 1 MHz
[11][12]. The 3F46 material is chosen as it shows the lowest core
losses at the operational switching frequency. The inductor is
designed with 52 turns of two parallel layers of 20 * 0.05 mm
Litz wire wound on an EFD 25/13/9 core. An airgap of 1.2 mm,
distributed across the three legs of the core, adjusted the desired
inductance.
With respect to the selection of switches, fig. 9 shows a
comparison based on datasheet parameters between the best-inclass switches figures of merit [13]-[15], where gallium nitride
FETs show superior performance in that voltage range
compared to the silicon super-junction and silicon carbide
counterparts. Device 6 (GS66502B) is used for the inverter halfbridge design. For the rectifier side, silicon carbide schottky
diodes (GB01SLT06-214) are employed, as they result in higher
efficiency compared to the silicon high-voltage counterparts.
Table I lists the proposed converter power-stage bill of
materials (BOM). The switches gate driving circuit is comprised
of a digital isolator (Si8610BC by Silicon Labs) and a gate driver
(UCC27611 by Texas Instruments) for each of the high side and
low side switches. For the high side driver supply, a bootstrap
network of a diode (GB01SLT06-214, SiC Schottky) and a
capacitor (1 µF, ceramic X7R) is used, in addition to a peripheral
104

Pv [mW/cm 3]

𝑉

103

102
Ferroxcube 3F46
Micrometals -6
Ferroxcube 3F4

101
101
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Fig. 8. Core power loss density (Pv) vs. magnetic flux density (B) for different
magnetic materials at 1 MHz.

Fig. 9. Summary of the best-in-class switching devices figures of merit.

solution comprised of isolated power supplies (MTE1S0506MC
by Murata), and both circuits are equally operational.
IV. EXPERIMENTAL RESULTS
A. Lab Setup
A thermal camera (Flir T650SC) continuously monitors the
converter operation and a 1 GHz scope (LeCroy Wavesurfer
104MXS-B) displays the high frequency signals including
switching node voltage, inductor current, and gate-signals,
where the dead-time is adjusted and fixed at a point where softswitching is achieved and the average devices temperature is
minimal. Another 200 MHz scope (LeCroy Wavesurfer 24XsA) is used to display the low frequency signals, which include
the input and output voltages and input current. A low voltage
DC power supply (Rohde & Schwarz HMP2020) supplies the
driving circuit, while a high voltage AC power supply
(Keysight AC6802A) emulates the AC mains. A 120 MHz
dual-channel waveform generator (Keysight 33622A)
generates the driving circuit signals. A DC electronic load
(Itech IT8812B) acts as an active load for the circuit under test.
Finally, a precision power analyzer (N4L PPA5530) measures
efficiency, power factor, displacement factor, THD, and the
magnitudes of input current harmonics.
TABLE I.
Component
LIN
CIN
Diode Bridge
CDC
DP
CP
QHS, QLS
LRES
CRES
DR1, DR2
COUT

B. Results
The converter is tested for operation from 230 VRMS,
achieving 50 W of output power, with an efficiency of 84%, a
power factor of 0.99 and a THD of 8.6 % at 0.96 MHz. Fig. 10
shows a scope capture for the switching node voltage, the
resonant tank current, and the signals to the gate drivers at fullload operation. The capture is taken with infinite persistence to
visualize the variations across the input voltage range, which is
the low-frequency ripple on the DC capacitor voltage. The
switching node voltage VSW is measured using a 500 MHz 10x
voltage probe with 9 pF capacitance, while the resonant circuit
current IRES is measured using a 50 MHz current probe (LeCroy
AP015). The figure illustrates inductive mode of operation, with
the resonant current lagging the switching node voltage. The
driving signals are synchronized with the same duty-cycle and
extended dead-time to avoid cross conduction between the two
switches and achieve ZVS. It is noted that the converter is
partially soft-switching for the low voltages across the DC
capacitor, which can be alleviated by employing a larger energy
storage capacitor (CDC).
Fig. 11 shows the input voltage and current and the output
voltage at full-load. The input voltage is displayed using a high
voltage differential probe (Testec SI 9001), while the input
current is measured using a 50 MHz current probe (Hioki
CT6700), and the output voltage is measured using a 500 MHz
voltage probe with 9 pF capacitance. The figure shows an almost
sinusoidal input current with a phase difference of 5.7 ᵒ with the
input voltage, and an average output voltage of 300 V.

Fig. 10. Scope image for the resonant tank waveforms (VSW 100 V/div, IRES 1
A/div, HSG/LSG 5 V/div with 200 ns/div).

PROPOSED CONVERTER BOM

Value
100 µH / 0.5 A
2 * 15 nF / 450 V
4 * ESH1GM RSG
1 * 10 µF / 450 V
3 * 0.1 µF / 450 V
RF201LAM4S
2 * 680 pF / 500 V
GS66502B
152 µH / 1.7 A
220 pF / 3 kV
GB01SLT06-214
2 * 15 nF / 450 V

Type
Inductor
Ceramic (C0G)
Si Fast Recovery
Electrolytic
Ceramic (C0G)
Si Fast Recovery
Ceramic (C0G)
GaN Switches
Custom design
Ceramic (C0G)
SiC Schottky
Ceramic (C0G)

Fig. 11. Scope image for the input voltage, current, and output voltage. (VIN
100 V/div, IIN 100 mA/div, VOUT 100 V/div with 5 ms/div).

An AC 100 Hz ripple of 40 V is measured on the output voltage,
which is about 13.3 % of the average output voltage and can be
reduced through the incorporation of a larger DC energy storage
capacitor, depending on the specification of the following DCDC converter stage.
Fig. 12 shows the input current harmonics distribution at
full-load operation, where a THD of 8.6 % is measured. Since
one of the potential applications for the proposed converter is
the rectifier stage in LED drivers, the figure compares the
harmonic magnitudes against the IEC 61000-3-2 standard classC device limits [6][7], where it is shown that the measured
harmonics magnitudes are substantially lower than the limits set
by the standard.
Fig. 13 shows a thermal photograph for the prototype under
full-load operation, where the inductor windings are the hottest
element in the circuit, with a maximum temperature of 84.5 ℃
(with airflow). That is due to the charge pump circuit operation,
which requires the resonant tank to store both the energy from
the input line as well as the energy to the load every switching
cycle, resulting in additional current stress on the resonant
inductor.

V. CONCLUSION
A PFC rectifier for the AC-DC stage in single-phase offline
converters is presented. With the addition of a charge-pump
circuit comprised of a capacitor and a diode to the class-DE
series-resonant converter, PFC functionality is achieved
inherently, while operation is based on soft-switching, allowing
for high frequency design. A 1 MHz 50 W prototype employing
WBG devices is designed and implemented, achieving a power
factor of 0.99 and THD of 8.6 % at an efficiency of 84 %, with
input current harmonic magnitudes substantially lower than the
IEC 61000-3-2 standard limit.
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Abstract—Resonant converter topologies have the ability to
eliminate switching losses through zero-voltage switching, making
them well-suited for switching operation in the MHz frequency
range. However, these types of converters are traditionally very
sensitive to changes in input voltage and power level, making
them unsuitable as power factor correcting AC-DC converters.
This paper present a throughout analysis of the operation of
a class DE converter in order to derive a set of conditions,
under which it can achieve constant input impedance over a
wide input voltage range (60-325 V DC) with constant output
voltage (450 V DC) and thus be operated as a PFC converter,
while maintaining zero voltage switching across the full range.
The operation is experimentally verified under DC-DC operation
for different power levels at a series of input voltages within the
specified range. The implemented prototype achieves conversion
efficiencies of up to 94 % and handles up to 105 W of power
at switching frequencies of 2 MHz and above, while achieving
constant input impedance over the full input voltage range,
enabling its use as a power factor correcting converter.
Index Terms—AC-DC power conversion, power factor correction, resonant converters, zero voltage switching, wide-bandgap
semiconductors

I. I NTRODUCTION
The recent years have seen many advances in the field
of power converters operating at switching frequencies in
the high frequency (HF, 3-30 MHz), or very high frequency
(VHF, 30-300 Mhz) ranges [1]–[4]. By the use of resonant
converter topologies [5], the converter switching losses are
mostly eliminated, allowing converters to be operated at much
higher frequencies than previously feasible, greatly reducing
the size and cost of passive energy storage components [6],
[7]. Popular resonant converter topologies include the Class E
[8], [9], Class DE [10], [11] and Class Φ2 converters [12].
Through the use of self-oscillating passive gate drivers [13],
the need for active gate drivers is eliminated, enabling power
converters operating in the range of 30 MHz [14], [15] or
even 100 MHz [16]. With the emergence of wide bandgap
technologies such as Gallium Nitride (GaN) transistors, this
development is further enabled by the improved figures of
merit of new switching devices [17], [18], and previous publications have demonstrated active-driven GaN-based switchThis project has received funding from the European Union’s Horizon
2020 research and innovation programme under grant agreement No 731466.
The authors are with the Department of Electrical Engineering, Technical University of Denmark, DK-2800 Kongens Lyngby, Denmark (e-mail:
frmsp@elektro.dtu.dk; ammma@elektro.dtu.dk; akn@elektro.dtu.dk).

mode converters operating at switching frequencies of 10 MHz
[19] and even 100 MHz [20].
While resonant converter topologies have enabled increased
switching frequencies compared to traditional hard-switched
topologies, their control is complicated. Through their ability
to operate with zero-voltage switching (ZVS), they can achieve
high efficiency under the right operating conditions, but they
are very sensitive to changes in loading conditions [21],
[22]. As the diode-based rectifiers used in resonant converter
topologies are inherently non-linear in their input impedance,
this means that these topologies are very sensitive to changes
in voltage and power levels, giving them a low dynamic
range and making them a less obvious choice for AC/DC
applications as power factor correctional (PFC) converters.
Methods compensating for these non-linearities in order to
achieve zero-voltage switching over a wider voltage range has
previously been described for the class E converter [23]–[26]
and LLC converters [27].
Other work describing soft-switching PFC converters with
resonant and non-resonant converter topologies include [28]–
[34]. In order to function as a PFC converter, a converter must
draw an input current proportional to its instantaneous input
voltage - meaning that the input impedance of the converter
must emulate a constant resistor, Rin , over a desired voltage
range and that the input power must be defined by (1) in this
range.
V2
(1)
Pin = in
Rin
This paper presents a throughout analysis of the operation
of a class DE converter, in order to derive a set of conditions
required for the converter to achieve constant input impedance

Fig. 1: The presented converter as part of 2-stage AC/DC
power supply
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Fig. 4: Class DE inverter schematic

Fig. 2: Input power vs. input voltage for three different
impedance levels.
and zero voltage switching over a desired voltage range. This
enables the class DE converter to be used as a PFC converter in
a system as the one shown in fig. 1. Through careful control
of frequency and duty cycle, it is shown that is it possible
to use the topology as a PFC converter without the need for
any additional components. Open-loop DC-DC operation is
demonstrated for a series of operating points with varying
input voltage and power levels. The specifications of the lab
prototype is shown in table I and the relation between input
voltage and power for three different values of input resistance
is shown in fig. 2.
Quantity
Input voltage
Output voltage
Input resistance

Symbol
Vin
Vo
Rin

Value
60 V - 325 V
450 VDC
1000 − 10, 000 Ω

TABLE I: Prototype specifications.
II. T OPOLOGY ANALYSIS
The converter is designed as a class DE resonant converter
consisting of a class DE inverter [10], [11] and a class DE
rectifier [10], [35] connected through a series resonant tank as
shown in fig. 3. Compared to other resonant converter topologies, the class DE converter has the benefits of lower voltage
stresses on the semiconductor devices, and that it incorporates
only a single magnetic component. As magnetic components
are often bulky, this allows for a more compact design. The
primary disadvantage of the topology is the floating high-side
switch on the inverter side, which complicates the driving of
the switches.

By performing a throughout mathematical analysis of the ideal
converter operation, the conditions that must be met for the
converter to function in the desired voltage and power range
are determined. By first analyzing the operation of inverter
and rectifier separately, the conditions can be determined by
assuming conservation of power.
Both circuits have been analyzed in detail in previous literature [11], [36]. However, as the intended converter application
in this work is power factor correction, the following analysis
will be more focused on quantities related to this application,
with most operational parameters being referred to the input
voltage and resistance, rather than output power. Furthermore,
this analysis sacrifices the traditional requirement of zero- dv
dt
switching in the inverter in exchange for the option to achieve
constant input resistance over a wide input range.
A. Inverter analysis
The mathematical analysis starts with the inverter circuit,
in order to determine its required load impedance, which is
later needed for impedance matching of the rectifier.
The class DE inverter (fig. 4) consists of a transistor halfbridge with shunt capacitors across the transistors. During
analysis the two switches are assumed to be driven with an
equal duty cycle, Di , and 180 degrees of phase shift between
them while the inverter output current is a pure sine wave at
the switching frequency. Traditionally the inverter is designed
for the resonant current to be in phase with the driving signal
for the high-side switch in order to achieve zero- dv
dt switching.
However, this design introduces a phase lag, ϕ, in order to
give an additional degree of freedom. Throughout analysis,
the parameter Cs is introduced as an expression for the total
capacitance on the switch node, i.e. the sum of capacitors
CQ1 and CQ2 , where Im is the resonant current amplitude
and ωsw is the switching frequency in radians per second.
The inverter has four states of operation as described in table
II: one conducting state for each switch (states 1 and 3) and
two charge/discharge states for the shunt capacitors (states 2
and 4), in order to achieve zero voltage switching.
State
1
2
3
4

Fig. 3: Block diagram of resonant converter

Conducting
switch
Q1
Q2
-

iQ1

iC2 − iC1

Im · sin (ωsw t − ϕ)
0
0
0

0
−Im · sin (ωsw t − ϕ)
0
−Im · sin (ωsw t − ϕ)

TABLE II: Operating states of class DE inverter.

Im
Iin =
· (cos(ϕ) − cos(2πDi − ϕ))
(3)
2π
The voltage at the switch node, Vs , is equal to either the input
voltage or zero when switches Q1 and Q2 are turned on in
states 1 and 3, respectively. During the dead-time in states 2
and 4, the resonant current charges and discharges the voltage
across capacitors C1 and C2 .

Vin
in state 1



 V − Im R t
in state 2
in
Cs Di Tsw sin(ωsw t − ϕ)dt
Vs (t) =
0
in state 3



− Im R Tt sw
sin(ω
t
−
ϕ)dt
in state 4
sw
Cs
2 +Di Tsw
(4)
An expression for the input voltage is found by determining
the state 4 value of Vs at time t = Tsw . Assuming ZVS, the
value at this time should be equal to Vin :
Vin = Vs (Tsw ) =

1
Di

0.5

1

0

i r / Im

0

cos(ϕ) =

πfsw Cs Vin + πIin
Im

πfsw CsVin − πIin
cos(2πDi − ϕ) =
Im

4

0.6
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1
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Fig. 5: Class DE inverter waveforms, for Di = 40 % and
ϕ = π5
current by 90 degrees, labelled Vs,X . The active and reactive
components of the switch-node voltage (6) are determined
from Fourier analysis:
Vs,R =

=

2
·
Tsw

Vs,X

Vs,X

Z

Tsw

Vs (t) · sin(ωsw · t − ϕ)dt

(9)

0

Vin
· (cos(ϕ) − cos(2πDi − ϕ))
π

2
=
·
Tsw

Tsw

Z

Vs (t) · cos(ωsw · t − ϕ)dt ⇔

(10)

0

Vin
·
=
2π



K1 + K2 + π − 2πDi
cos(ϕ) + cos(2πDi − ϕ)


(11)

where the expressions K1 and K2 are functions of ϕ and Di :
K1 = sin(ϕ) · cos(ϕ)

(12)

K2 = sin(2πDi − ϕ) · cos(2πDi − ϕ)

(13)

The required active and reactive load impedances, Rinv and
Xinv respectively, are calculated by dividing the voltage
components by the resonant current amplitude Im . Through
(3), the impedances can be expressed in terms of input voltage
and current, as well as ϕ and Di .

(7)
Rinv =
(8)

Lastly, the required impedance at the inverter output is determined, in order to achieve the desired resonant current
amplitude and phase. This is done through a first harmonic
analysis of the switch-node voltage Vs (t), which is considered
in two parts - an active part in phase with the resonant
current, labelled Vs,R , and a reactive part leading the resonant

3

0.4

Im
· (cos(ϕ) + cos(2πDi − ϕ)) (5)
ωsw Cs

Combining (4) and (5) gives a simpler expression for the
switch node voltage.

Vin
in state 1



cos(ωsw t−ϕ)+cos(ϕ)

Vin · cos(2πD
in
state 2
i −ϕ)+cos(ϕ)
Vs (t) =
0
in state 3



V · cos(ωsw t−ϕ)+cos(2πDi −ϕ) in state 4
in
cos(2πDi −ϕ)+cos(ϕ)
(6)
Fig. 5 shows normalised waveforms for Vs , ir (resonant
current) and iQ1 . Combining and rewriting (3) and (5) gives
expressions that can be used to find ϕ and Di for a given set
of parameters:

2

0.2

-1

iQ1 / Im

The DC input current of the inverter, Iin , is found by
calculating the average current drawn from the input voltage
source, Vin , over a full switching cycle. In steady state
operation, the average current through capacitors Cin
and CQ1 will be zero, and the DC input current will be
equal to the average value of the current in the high side
switch, Q1. An expression for the DC input current, Iin , is
found by calculating the average value of iQ1 over a full
switching cycle. As this switch is only conducting in state
1, the switch current only needs to be integrated over this state.
Z Tsw
1
iQ1 dt
(2)
Iin =
Tsw 0
Z Di ·Tsw
Im
=
sin (ωsw t − ϕ) dt ⇔
Tsw 0

v s / Vin

3

Vs,R
Vin
2
=
· (cos(ϕ) − cos(2πDi − ϕ)) (14)
Im
2π 2 Iin

Vin
Vs,X
=
· (K1 + K2 + π − 2πDi ) · K3
Im
4 · π 2 · Iin
(15)
where the expressions K3 is a function of ϕ and Di :
Xinv =

K3 =

cos(ϕ) − cos(2πDi − ϕ)
cos(ϕ) + cos(2πDi − ϕ)

(16)

v r / Vo

4

1
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Fig. 6: Class DE rectifier schematic

i / Im

1
i D2

0.5

Io

0

B. Rectifier analysis

0

A similar analysis is applied to the class DE rectifier. The
class DE rectifier (fig. 6) consists of a diode half bridge
with shunt capacitors connected across the diodes. The shunt
capacitors include any parasitic capacitance of the diodes,
as well as any externally added capacitance. By assuming a
constant output voltage and a purely sinusoidal input current,
the rectifier can be analysed with equal diode conduction
duty cycles, denoted Dr . The sinusoidal input current source
represents an ideal resonant inverter, and is replaced by a
class DE inverter in the full converter.
Previous work [36] has analyzed the topology in detail
with its output power described as functions of input current
amplitude and diode duty cycle, but in this case it is more
desirable to calculate the required current amplitude as a
function of power and switching frequency, as the primary
quantity of interest for PFC applications is the input current,
or input impedance, of the full converter.
The input current ir is a perfect sine wave with amplitude
Im , ir = Im · sin (ωsw t), and the rectifier operation can be
divided into 4 different states, as shown in table III. Each
diode conducts for a duty cycle Dr , while the shunt capacitors
charge and discharge in the remaining time. As the net average
current through the shunt capacitors over a switching cycle is
zero, any charge carried to the output is flowing through the
diode D2.
Fig. 7 shows waveforms for input current and voltage, as
well as the current through the high-side diode, D2.
The amplitude of the resonant current, Im can be expressed
as a function of output voltage, output current, switching
frequency and the sum of the two shunt capacitors, denoted
Cr , by looking at the charge transfer for the positive half
cycle of the resonant current, states A and B.
In state A, before the diode D2 starts conducting, the resonant
current transfers the amount of charge needed to raise the

0.2

Conducting diode
D2
D1

iD2
0
ir
0
0

iC1 + iC2
ir
0
ir
0

TABLE III: Operating states of class DE rectifier.

0.6

0.8

1

Time / T sw

Fig. 7: Class DE rectifier waveforms, for Dr = 30%
voltage vr to the level of the output voltage Vo . The shunt
capacitors store this charge during diode conduction in state B.
Z

Tsw ·( 21 −Dr )

Im · sin(ωsw t)dt = Cr · Vo

(17)

0

In state B, the diode D2 is conducting and the resonant
current transfers an amount of charge to the rectifier output.
This charge is equal to the average output current multiplied
by the switching period, Tsw .
Z

Tsw · 12

Im · sin(ωsw t)dt = Io · Tsw =
Tsw ·( 12 −Dr )

2 · π · Io
(18)
ωsw

Combining (17) and (18), an expression for the required
resonant current amplitude as a function of Vo , Io , Cr and
the switching frequency is obtained:
Z Tsw
2
2 · Im
Im · sin(ωsw t)dt =
⇔
(19)
ωsw
0
2 · Im
2 · π · Io
= Cr · Vo +
⇔
ωsw
ωsw

(20)

Im = π · fsw · Cr · Vo + π · Io

(21)

At the switching frequency, the input impedance of the rectifier
resembles an RC-series circuit, with resistance Rrect and
capacitance Crect depending on the output power.
The equivalent input resistance of the rectifier for a given
output current can be determined from (21) by assuming 100%
efficiency.
I2
Rrect · m = Io · Vo ⇔
(22)
2
Rrect =

State
A
B
C
D

0.4

2 · Io · Vo
2 · Io · Vo
=
2
2
Im
(π · fsw · Cr · Vo + π · Io )

(23)

The equivalent input capacitance can be determined using
fourier analysis, and a general expression dependent on the
diode duty cycle was derived in [36].
Crect =

π · Cr
π · (1 − 2Dr ) + Kr

(24)
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Where Kr is a function of diode duty cycle:
Kr = sin(2πDr ) · cos(2πDr )

(25)

In order for ϕ to be a real number, it is required that cos(ϕ) ≤
1. By rearranging (32), a constraint for the converter operation
can be written:

The duty cycle is described as a function of the other parameters by re-evaluating (17) and combining with (21):
Z

Tsw ·( 12 −Dr )

Cr · Vo
1 + cos(2πDr )
=
⇔
Im
ωsw
(26)


1
fsw · Cr · Vo − Io
−1
Dr =
· cos
(27)
2π
fsw · Cr · Vo + Io
sin(ωsw t)dt =

0

Equations (23), (24) and (27) express the equivalent input
resistance and capacitance of the class DE rectifier for any
combination of Vo , Io , Cr and fsw .

fsw · Rin ≥

cos(2πDi − ϕ) =

fsw Cs Rin Vin Vo − Vin Vo
2
fsw Cr Rin Vo2 + ηres · Vin

cos(ϕ) =

πfsw Cs Vin + πIin
πfsw Cr Vo + πIo

Vin
Rin

(29)

Xinv =

1
· (K1 + K2 + π − 2πDi )
4 · π 2 · fsw Cs

(36)

Expressions for the current phase angle, ϕ, and inverter duty
cycle, Di , are derived from (32) and (34).


fsw Cs Rin Vin Vo + Vin Vo
(37)
ϕ = cos−1
2
fsw Cr Rin Vo2 + ηres · Vin
Di =

cos−1



fsw Cs Rin Vin Vo − Vin Vo
2
fsw Cr Rin Vo2 + ηres · Vin

(32)


1
(38)
+ϕ ·
2π

The reactance of the resonant tank needs to cancel out the
reactance of the rectifier input capacitance found in (24) and
provide the required load reactance for the inverter as found in
(36). For any set of input- and output voltages, input resistance,
node capacitances, switching frequency and resonant tank
efficiency, a required reactance can be calculated.

(30)

The ESR of the resonant tank includes ESR of the resonant
capacitor as well as winding and core losses in the resonant
inductor.
Equation (28) can now be rewritten.



The expression for the rectifier diode duty cycle (27) can be
rewritten using (30)


2
1
fsw · Cr · Rin · Vo2 − ηres · Vin
(39)
Dr =
· cos−1
2
2π
fsw · Cr · Rin · Vo2 + ηres · Vin

Xtank = Xinv +

Where ηres is determined by the ratio of the rectifier input
resistance and the equivalent series resistance (ESR) of the
resonant tank:
Rrect
(31)
ηres =
Rrect + ESR

fsw Cs Rin Vin Vo + Vin Vo
2
fsw Cr Rin Vo2 + ηres · Vin

(35)

Inserting (35) and (29) into (15) gives a simpler expression
for the required load reactance seen from the inverter side.



Since the resonant topology has negligible switching losses,
considering ZVS operation, the losses in the converter are
assumed to be dominated by the losses in the resonant tank.
With an efficiency ηres in the resonant circuit, the output
current can be expressed as:
2
Vin Iin
Vin
Io = ηres ·
= ηres ·
Vo
Vo · Rin

1
fsw Cs Rin

(28)

For the topology to function as a PFC converter, it must
achieve a constant input impedance Rin over the full input
voltage range, in order to ensure a proportional relationship
between the input voltage and current. The input current can
be expressed in terms of input voltage and resistance:
Iin =

(34)

Combining (32) and (34) makes it possible to reduce (16).
K3 =

The class DE rectifier is connected to the output of the class
DE inverter through a series resonant tank, sized to meet the
reactance requirement of the inverter.
With the two circuits connected, the current sources in fig. 4
and 6 are replaced by the other half-circuit and the resonant
tank, with the inverter output current being equal to the
rectifier input current.
By inserting (21) into (7), an expression for the phase angle,
ϕ, can be written:

(33)

For a given set of voltages and capacitances this gives a
minimum achievable input resistance for a specific switching
frequency. An increase in ηres will reduce the minimum input
resistance.
Equations (21), (29) and (30) are inserted into (8) in order to
determine the inverter duty cycle:

C. Full converter

cos(ϕ) =

2
Vin Vo − ηres · Vin
Vo · (Cr Vo − Cs Vin )

1
⇔
ωsw · Crect

(40)

K1 + K2 + π · (1 − 2Di ) Kr + π · (1 − 2Dr )
+
4π 2 fsw Cs
2π 2 fsw Cr
(41)
The inverter and rectifier circuits of the class DE converter are connected through a series resonant tank consisting
of an inductor, Ltank , and a capacitor Ctank . In order to
achieve zero-voltage switching and constant input resistance,
the switching frequency and duty cycle of the class DE inverter
must be controlled in order to achieve a match between the
required reactance determined by (41) and the reactance of the
resonant tank:
1
ωsw · Ltank −
= Xtank
(42)
ωsw · Ctank
Xtank =
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III. C ALCULATION OF OPERATING POINT
250

A. Semiconductors
The first step is to select suitable switches and diodes for
the two half-bridges in the converter. For the switches in the
inverter half bridge, the devices must have a voltage rating
higher than the peak input voltage, 325 V, and a current
ranting higher than the peak input current of converter. The
peak input current is found at the maximum input voltage
325 V
and lowest input resistance, Iin,max = 1000
Ω = 325 mA.
Furthermore, it is desirable to select devices with low parasitic
shunt capacitance, in order to allow for fast switching of the
inverter bridge.
For these reasons, the selected switches are the GS66502B
GaN transistors from GaN Systems [37]. With voltage and
current ratings of 650 V and 7.5 A respectively, these devices
satisfy the requirements, with a parasitic shunt capacitance,
Coss , in the range of tens of pF. In order to estimate the timerelated effective shunt capacitance of the devices, a simulation
is performed in LTSpice, using the testbench shown in fig.
8. A current source is connected to the device under test in
parallel with an ideal diode connected to a voltage source with
the desired test voltage. Once the voltage across the switch
is charged to the level of the bias voltage, the diode will
start conducting the full input current. The time when this
occurs is denoted tcharge . By knowing the charging time, the
bias voltage and the test current, the effective capacitance is
calculated using (43).
CQ =

tcharge · Itest
Vtest

(43)

For the selected switch, the effective capacitance for charging
from 0-325 V is found to be 54 pF. For lower voltage levels
this value will be higher due to nonlinearities in the device
capacitance, and this is taken into account for lower input
voltages.
A graph of the time-related effective value of Cs vs. input
voltage, using two GS66502B GaNFETs is shown in fig. 9.
It is seen that the effective value of Cs is varying by a factor
of two over the range of operation.
For the rectifier bridge, the chosen diodes are GB01SLT06
from GeneSiC Semiconductor [38]. These devices are rated
for 650 V and 2.5 A, making them suitable for the design.

Fig. 8: LTSpice test bench for determination of switch shuntcapacitance

200

Cs [pF]

Due to the highly nonlinear nature of (42), generic, symbolic
solutions are difficult to calculate. Instead, numerical solutions
are found for a specific application, based on the specifications
in table I. A Class DE converter is designed to meet the specs
and a series of operating points are calculated.
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Fig. 9: Simulated values of Cs vs. input voltage using two
GS66502B GaNFETs
Through simulations similar to the ones performed on the
switches, the effective shunt capacitance of the diodes is
found to be around 21 pF when charging from 0-450 V. As
the output voltage is considered constant for all operating
points, this capacitance value is assumed to be constant as
well.
The simulated values for parasitic capacitances are used
to calculate theoretical solutions for the switching frequency
and duty cycle at different operating points. As the parasitics
of the physical components may deviate from those in the
simulation models, the switching frequency and duty cycle
might need slight adjustments from the calculated values in
order to ensure zero-voltage switching and constant input
resistance of the converter. Parameter mismatches between the
switching devices in the circuit are of no consequence to the
converter operation, as the important parameter is the total
capacitance on the switch node, Cs , and not its distribution
between the devices.

B. Shunt capacitors
Rearranging (33) gives a minimum value of the rectifier shunt capacitance, Cr , based on the choice of inverter
switches. This minimum value depends on the switching
frequency, input voltage and efficiency of the converter, and
the choice of capacitance affects the solution space of (42).
As a starting point, the minimum capacitance is calculated at
the peak input power (peak input voltage and minimum input
resistance) and a switching frequency of 2 MHz, as this has
previously been found to be the optimum frequency in terms
of magnetic components sizes [39]. For this calculation the
resonant tank efficiency, ηres , is assumed to be 95 % under
the specified conditions. If the efficiency turns out to be lower
than this, the switching frequency might have to be increased
slightly to compensate.
Cr ≥

2
Vin Vo − ηres · Vin
Vin
+ Cs
⇔
2
fsw Rin Vo
Vo

(44)

7

2

Cr ≥

325 V · 450 V − 0.95 · (325 V )
2

2 M Hz · 1 kΩ · (450 V )

+ 108 pF ·

325 V
450 V
(45)

500
450

Since the combined parasitic capacitance of the two diodes is
only 42 pF, it is evident that external capacitance is required
for the converter to function under these conditions. For this
reason, a external shunt capacitor, Cr,ext , of 150 pF is added,
bringing the total size of Cr to 192 pF.
Decoupling capacitors are placed at the inverter input and
rectifier output in order to filter out the residuals at the
switching frequency.
C. Resonant tank
Knowing the capacitances Cs and Cr , the requried resonant
tank reactance, Xtank , can be plotted as a function of the input
voltage and switching frequency, as shown in fig. 10.
The resonant tank needs to be able to meet the reactance requirement at any input voltage by only adjusting the switching
frequency. In order to choose a size for the resonant inductor,
the input resistance of the rectifier is calculated at peak power
an 2 MHz. This is done using (23) and (30):
Rrect =

2 2
2ηres Vin
Vo Rin
2)
(πfsw Cr Rin Vo2 + πηres Vin

2

= 130 Ω

Xtank [ ]

= 191 pF

V in =60 V

400

V in =100 V

350

V in =230 V

V in =200 V
V in =300 V

300

V in =325 V
40 uH + 340 pF

250
200
2

2.5

3

fsw [MHz]

Fig. 11: Calculated values for required resonant tank reactance
vs. reactance of the selected resonant tank.
Once again assuming a switching frequency of 2 MHz
and a resonant tank efficiency of 95 %, the inductor current
amplitude at the peak input voltage is calculated by combining
(21) and (30).
2

Im,max = π · 2 M Hz · 192 pF · 450 V +

(46)

0.95 · π · (325 V )
1 kΩ · 450 V
(48)

= 1.24 A

According to [5], the resonant current can be assumed to
have a sinusoidal shape when the loaded quality factor of
the resonant tank relative to the rectifier input resistance is
larger than 2.5. In this converter, the inductor is chosen to
be approximately 50 percent larger than this, in order to have
higher harmonic suppression in the resonant tank and make
the comparison between the theory and measurements easier.

Based on the same parameters, the peak AC voltage across
the resonant capacitor is calculated:

Rrect
130 Ω
= 2.5 · 1.5 ·
= 39 µH
ωsw
2π · 2 M Hz
(47)
Based on this inductor, the resonant tank capacitor is sized to
meet the reactance requirement for all input voltages. In Fig.
11 the calculated reactance requirement from (41) is plotted
for a series of different input voltages over a wide frequency
range. It is seen that the 40 µH inductor in series with a 340
pF capacitor is able to meet the reactance requirement for all
input levels.

In addition to this, the capacitor needs to store a DC voltage
of up to Vo , resulting in a maximum voltage of around 740 V.
A 40 µH inductor with an equivalent large-signal AC series
resistance of 6 Ω at 2 MHz is wound using a 40 × 50 µm
copper litz-wire and an EFD 15/8/5 core made of Ferroxcube
3F46 material. Based on this ESR, and the rectifier input
resistance calculated in (46), the expected ηres at peak power
is calculated from (31).

Ltank = 1.5 · 2.5 ·

VCtank ,max = Im,max ·
=

1
ωsw · Ctank

(49)

1.24 A
= 290 V
2 · π · 2 M Hz · 340 pF

ηres =

130 Ω
= 95.6 %
130 Ω + 6 Ω

(50)

This value is seen to be close to the assumed value of 95 %.
Fig. 12 shows the circuit diagram for power stage of the
implemented converter, and table IV shows a list of the
selected components.

Fig. 10: Required resonant tank reactance vs. Vin and fsw

Fig. 12: Converter power stage
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8

2.5
R in =1 k

2
50

100

150

100

150

R in =5 k

R in =10 k

200

250

300

350

200

250

300

350

Di [%]

45

40
50

Vin [V]

Fig. 13: Calculated switching frequency and duty cycle vs.
input voltage
For the chosen resonant tank, the required switching frequencies and duty cycles within the input voltage range are
calculated for a number of different input resistances. The
calculated operating points are shown in fig. 13. It should
be noted that these operating points assume a resonant tank
efficiency, ηres , of 95%, which might not be the case under all
conditions. Due to this, and any non-linearities in the resonant
tank, the operating points of a physical converter will need
fine-tuning in order to achieve the desired input impedance.
Component
Q1, Q2
D1, D2
Cin
Ctank
Co
Cr,ext
Ltank

Model / Size
GaN Systems GS66502B
GeneSiC GB01SLT06
50 nF
340 pF
25 nF
150 pF
40 µH

TABLE IV: Selected components for the prototype.
IV. E XPERIMENTAL VERIFICATION
A converter prototype is built (fig. 14) and tested in the
laboratory. Converter operation is verified at a number of
different input voltages for input resistances of 1, 5 and 10 kΩ.
Across the measurements, the converter output is connected to

Fig. 14: Converter prototype with marked subcircuits. Gate
driver (red), input filter (white), inverter (black), rectifier
(green) and resonant tank1 (cyan).
a constant voltage load of 450 V representing a large DC bus
capacitor. Gate signals for the inverter switches are generated
externally by a Rigol DG1062 signal generator and fed through
a set of Si8610 digital isolators from silicon labs and a
set of UCC27611 gate drivers from Texas Instruments. The
current, voltage and power at the converter input and output
is measured using a N4L PPA 5530 Precision Power Analyzer,
and the input impedance of the converter is calculated from
these values.
A schematic of the experimental setup including test points is
shown in fig. 15.
Starting from the calculated values, the switching frequency
is tuned in order to achieve the desired input impedance. A
comparison between the calculated switching frequencies and
the ones used in the measurements is shown in fig. 16.
Three sets of measured waveforms are shown in fig. 17.
The measurements are performed at Vin = 325 V for 3
different input impedances. As the impedance level increase,
the resonant current is seen to drop in amplitude and increase
in frequency while the duty cycle of the rectifier diodes are
reduced.
1 Resonant

inductor is mounted on the bottom side of the circuit board.

Fig. 15: Diagram of the measurement setup.
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Fig. 18: Measured values for converter input resistance relative
to target values.
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Fig. 16: Comparison of calculated (lines) and experimental
(dots) switching frequencies for different input impedances.
The measured input impedances relative to the ideal values
are shown in fig. 18, and is seen to be within 2 percent
deviation of the target values.
From the measured values of the input impedance, an input
current waveform is extrapolated for a European mains AC
input voltage (fig. 19), assuming a diode rectifier bridge is
placed at the converter input and that a control loop sets the

switching frequency to the values used in the measurements,
with the converter being operational when the input voltage
exceeds 60 V. Using an adaptive dead-time control technique
[40], the duty cycle can be adjusted accordingly such that
zero-voltage switching is ensured along the line cycle. From
the waveforms in fig. 19, the input current THD and power
factor of the converter can be calculated for the different
impedance levels. the calculated values are shown in table
V. The calculated values assume an ideal input filter, which
completely filters out the switching frequency and its higher
harmonics while providing no attenuation or phase shift at
lower frequencies. A practical filter would introduce a small
phase shift in the input current and reduce the power factor
of the converter, so such a filter should be designed to ensure
that the power factor requirement of the converter is met.
Rin,taret
1 kΩ
5 kΩ
10 kΩ

THD
5.25 %
5.2 %
5.22 %

Power factor
99.9 %
99.9 %
99.9 %

TABLE V: Extracted THD and Power factor values.

(a) Waveform for Rin = 1 kΩ

The efficiency of the prototype at different load levels and
input voltages is measured using the power analyzer connected
to the converter input and output terminals (see fig. 15).
Pout
The efficiency is defined as η =
, and the measured
Pin
vales are shown in fig. 20. The converter is seen to achieve
efficiencies of up to 94 percent at the peak output power.

(b) Waveform for Rin = 5 kΩ

(c) Waveform for Rin = 10 kΩ

Fig. 17: Measured waveforms for Vs (red), Vr (green), Vo
(orange) and ir (blue) for Vin = 325 V . Scaling is 100 V/div
and 500 mA/div on the y-axis and 200 ns/div on the x-axis.

Fig. 19: Extrapolated input waveforms for european mains
input.
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Fig. 20: Measured converter efficiency vs. input voltage for
different input resistances.

V. C ONCLUSION
Through mathematical analysis, a set of conditions has been
derived for a class DE resonant converter to be operated
with a constant input impedance over a wide input voltage
range, enabling its use in power factor correction applications.
A constructed prototype is tested at various input voltages
between 60 and 325 V for input resistances of 1, 5 and 10
kΩ, with measured input impedances within a few percent of
the desired values.
With conversion efficiencies reaching as high as 94 %, the
prototype is able to convert more than 100 W of power in
DC/DC operation without the need for bulky heatsinks. If
implemented as an AC/DC converter with a microcontroller
generating the gate-signals, the converter can function as a
PFC converter with zero voltage switching and small passive
components. Based on extrapolation from measured values,
the converter is expected to achieve a THD as low as 5.2 %
and a power factor of 0.999 before the input filter for European
mains AC input.
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Abstract— This paper presents the analysis and design of a
resonant power factor correction (PFC) rectifier for the first stage
in single-phase front-end offline converters targeting low-power
applications (up to 100 W). With the addition of a charge pump
circuit comprised of a capacitor and a diode to a class-DE resonant
converter, PFC functionality is achieved inherently. The operation
is based on soft switching, allowing for increased switching
frequencies with reduced switching losses. A 1 MHz prototype
employing wide-bandgap (WBG) switching devices is built and
tested to validate the analysis and proposed design method. The
prototype achieves up to 50 W of output power with a power factor
of 0.99, a total harmonic distortion (THD) of 8.6 %, and an
efficiency of up to 88 %; with harmonic magnitudes well-within
the IEC 61000-3-2 standard class-C device limits, making it
suitable for use as the rectifier stage in LED drivers. Despite the
additional circuit stresses from the charge pump operation, the
proposed converter offers simplicity and low component
overhead, with the potential for higher frequency operation
towards higher power densities.
Index Terms— AC-DC power conversion, power factor
correction, resonant power conversion, charge pump, widebandgap semiconductors.
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I. INTRODUCTION
ITH the current trend towards smaller and highly portable

consumer electronics and other industrial applications,
research has been investigating the opportunities for
minimizing the weights and sizes of products form factors,
while achieving the same performance. The main hinder has
been the power supplies due to their bulky passive components,
where the passive components sizes are inversely proportional
to the switching frequencies of the converters. One such
application with a great demand for miniaturization is offline
converters.

Fig. 1. Offline converter structure. The red box outlines the focus of this work.

providing the voltage and current levels that apply to the load
electrical characteristics. This conversion has to comply with a
number of regulations dictating the shape of the input current to
limit the mains voltage distortion [1][2].
Pulse-width-modulated (PWM) converters have been the
primary candidate for the AC-DC stage in offline converters,
including buck [3]-[6], boost [7][8], buck-boost [9][10],
flyback [11], and SEPIC [12][13] converters. They can provide
high power factor and are easy to control. However, their
operation is based on hard switching. Accordingly, they
typically operate at low frequencies in order to limit the
switching losses. This in turn results in large sizes for the
passive components needed to store and process the energy
transferred to the load every switching cycle. On the other hand,
high-frequency designs have less efficiency and may
incorporate a heat sink for thermal management, which
counteracts the gain in power density.

The typical solution for offline converters is a two-stage
architecture, as shown in Fig. 1. The first stage is an AC-DC
power factor correction (PFC) rectifier followed by an energystorage capacitor to filter the double-the-line 100/120 Hz
frequency component. The second stage is a DC-DC converter

Accordingly, soft-switching resonant converters have been
receiving much attention in the recent years [14]-[17]. Resonant
converters have substantially lower switching losses than their
PWM counterparts. Thanks to their zero-voltage-switching
(ZVS) and/or zero-current-switching (ZCS) characteristics,
which make them a good candidate for achieving high
efficiencies at high frequencies. That in turn results in reduced
sizes for the passive components, and thus higher power
densities, higher loop-gain bandwidths, and faster transient
responses. This has led to the investigation of their adoption
into different applications conventionally dominated by PWM
converters, including DC-DC [18]-[29] and AC-DC conversion
[30]-[35].
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In this paper, the analysis and design flow for a resonant PFC
rectifier for single-phase offline converters are presented. The
system, shown in Fig. 2, incorporates an input filter and bridge,
a charge pump circuit, a DC energy-storage capacitor, and a
class-DE converter. The proposed converter can achieve PFC
inherently, where the operation is based on soft switching,
allowing for high-frequency design with reduced passives sizes,
in addition to freedom from the limited bandwidths of the PFC
controllers available on the market.
This paper is organized as follows: section II illustrates the
principle of operation of the proposed converter. Circuit
analysis is presented in section III. Section IV covers the design
process of the converter. Prototype implementation and
experimental results are shown in section V. Finally, conclusion
is provided in section VI.
II. PRINCIPLE OF OPERATION
This section describes the principle of operation of the charge
pump PFC converter. A charge pump electronic ballast circuit
is reported in [36]. With the addition of an auxiliary circuit
comprised of a capacitor and a diode to a conventional highfrequency inverter circuit, the input current can be regulated to
follow the input voltage. In this work, the charge pump circuit
is incorporated into a class-DE series-resonant converter, as
shown in Fig. 3, where the inverter circuit is cascaded by a highfrequency rectifier for enabling use in AC-DC converters [37].
The driving signals to the switches are synchronized with a
switching frequency that guarantees operation above resonance,
with the same duty cycle and extended dead time. This allows
the resonant tank current to charge and discharge the halfbridge switches output capacitances, so that their voltages reach
the appropriate rail voltage before switching the gate, thus
ensuring ZVS. Additionally, the DC energy-storage capacitor
CDC is placed at the inverter input, thus helping to achieve softswitching operation along the constantly varying AC input line
voltage, with no effect on the power factor and input current
shape.
Fig. 4 shows a simplified circuit diagram for the power
converter, where the input filter is omitted and a diode DB
models the input bridge for simplicity. The figure also shows

the voltages and currents signs convention used throughout the
analysis and rest of figures.
The DC energy-storage capacitor CDC is designed in
accordance with the pump capacitor CP such that the voltage
VDC is always higher than the input voltage VIN, and thus the
diode bridge DB and the pump diode DP do not cross-conduct.
As a result, the input current IIN is equal to the charging current
of the pump capacitor (positive IP).
A. Operation across Line Cycle
Fig. 5 shows the behavioral circuit operation across half an
input line cycle. As the charge pump capacitor is connected
between a low-frequency voltage node VB and a high-frequency
voltage node VREC, charge flows through CP only during voltage
changes on the high-frequency node. This results in voltage
changes across CP, as the other node is relatively constant with
respect to high-frequency voltage changes. The pump capacitor
charge QP is proportional to the capacitor value CP and the
voltage across it, VP, where the latter varies between a lowfrequency high-value VP_high and a constant low-value VP_low.
The circuit design ensures that the voltage variation across the
pump capacitor VP follows the input voltage VIN across the line
cycle, resulting in a charge variation QP, and accordingly an
input current, proportional to the input voltage, and a unity
power factor can ideally be obtained.
It is noted that the VREC voltage can be any kind of waveform
with a constant AC amplitude, and the DC bias of VREC has no
effect on the input current shape, which makes the proposed
converter architecture, shown in Fig. 2, compatible with
different arrangements for the resonant tank, including the
parallel-resonant, LCC, and LLC arrangements.
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Fig. 4. Simplified circuit diagram for half-line cycle operation.

Fig. 2. Proposed PFC stage architecture.
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B. Operation across Switching Cycle

VSW
VDC

Fig. 6 shows waveforms for several circuit currents and
voltages across two switching cycles, where the circuit and
devices parasitics are ignored for simplicity. The circuit
operation spans six intervals, where energy is exchanged
between the line input, the pump capacitor, the resonant tank,
the DC capacitor, and the load. The converter operates in the
inductive mode of operation, where the resonant tank current
IRES lags the switching node voltage VSW, and thus ZVS can be
achieved. Fig. 7 shows the equivalent circuits and resonant tank
current paths across the different intervals of operation.
In interval 1 (including 1A and 1B), the voltage VB is lower
than VDC and higher than VIN, so both the diodes DB and DP are
off, and no current flows through the pump capacitor.
Meanwhile, the energy stored in the circuit is transferred to the
output through DR1. Fig. 7 (a) shows the resonant inductor
current direction in interval 1A, where the high side switch is
on and the low side switch is off, and charge flows from the DC
capacitor through the resonant tank to the load. In interval 1B,
the switching node voltage toggles, and the energy stored in the
resonant tank is transferred to the output, as shown in Fig. 7 (b).
Interval 2 takes place across the fall time of VREC. Once VREC
starts to decrease, VB has to decrease along, until DB is forward
biased and VB is pulled to VIN. While VREC continues to decrease,
with VB almost constant (as the grid frequency is significantly
lower than the switching frequency), VP increases and CP is
charged by the line current IIN, as shown in Fig. 7 (c), until VREC
reaches its low value and VP reaches its high value, where
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freewheels in DR2 and QLS. In interval 3B, the switching node
voltage toggles, and energy is transferred from the resonant
tank to the DC capacitor through QHS and DR2, as shown in Fig.
7 (e). Throughout the interval, the load is supplied by COUT.
Interval 4 takes place across the rise time of VREC. Once VREC
starts to increase, VB has to increase along until DP is forward
biased and VB is pulled to VDC. While VREC continues

CP
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Fig. 6. Circuit operation across two switching cycles (Arrows on the pump
capacitor current IP waveform reflect the variation of the capacitor charge QP
across line cycle).
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Meanwhile, VSW is low, so CP charges through the resonant tank
and low-side switch, and the load is supplied by COUT.
The third interval (including 3A and 3B) begins once VREC
settles at the low-value, when CP stops charging and while DP
still blocks. Similar to interval 1, no current flows through the
pump capacitor and VP is constant. Fig. 7 (d) shows the resonant
tank current direction in interval 3A, where the current

VB

 st

VB

1

_

 st

VREC

VDC
QHS

LRES

C RES

DR1

VREC

VOUT

QLS
DR2

RL

COUT

VIN

CDC

VSW

LRES

RL

(e) Interval 3B

Fig. 7. Equivalent circuits with resonant tank current paths (dashed arrows) across different intervals of operation.
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decreasing, with VDC almost constant, VP decreases and energy
transfers from CP to resonant tank, as shown in Fig. 7 (f), until
VREC reaches its high value, and VP reaches its low value, where
𝑉

_

𝑉

𝑉

_

2

Meanwhile, the load is supplied by COUT. By the end of the
fourth interval, operation enters interval 1 again and the cycle
repeats.
The analysis shows that the input current is discontinuous,
only flows into the circuit during the second interval, and is
equal to the charging pump capacitor current (positive IP shown
in Fig. 6) , where the charge QP is equal to the charge taken
from the line input QIN.
Depending on the value for the input line voltage VIN across
the line cycle, the length of intervals 2 and 4 gets extended or
narrowed with respect to the amount of charge taken from the
input AC mains, which is shown by the arrows on the IP
waveform in Fig. 6. When VIN is high, the majority of the load
energy comes from the line, thus QIN increases, extending the
lengths of intervals 2 and 4, which reach their maximum at the
peak input AC mains voltage (lt = π/2, 3π/4). On the other
hand, when the VIN is low, the majority of the load energy comes
from the DC capacitor CDC, with reduced charge taken from the
input AC mains. That, in turn, narrows the lengths for intervals
2 and 4, which reach zero value at the zero crossings of the input
AC mains voltage (lt = π, 2π), then the charge QP equals zero,
as shown in Fig. 5, and all of load energy then comes from CDC.
Therefore, at the zero-crossings of the input voltage, the classDE stage operates in a conventional nature, with no effect from
the charge-pump circuit. While at the peaks of VIN, the chargepump capacitor is at full capacity, loading the resonant tank and
DC capacitor with the peak charge taken from the line, resulting
in additional circuit stresses that are analyzed as follows.

control over the input current is then illustrated, which sets the
requirement for the design of the two capacitors. Eventually, an
analysis of the maximum resonant tank peak current across line
cycle is presented, which defines the specifications for the
resonant inductor design.
A. First Condition for Obtaining High Power Factor
From the circuit operation covered in section II-B, and
considering that for a series-resonant tank the rectifier input
voltage VREC swings between zero volts and the output voltage,
as shown in Fig. 6, (1) and (2) can be re-evaluated as follows
𝑉

_

𝑉

_

𝑉

𝑉
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𝑉
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𝑉

_

𝑉
𝑉

3
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The equations show that the envelope of the high values for the
voltage across the pump capacitor takes the shape of the input
voltage, while the low-values envelope takes the value of the
difference between the resonant converter’s input and output
voltages, which is almost constant in high frequency. Across
one switching cycle, the variation of charge in the pump
capacitor is equal to
𝐶 𝑉

𝑄

𝑉

_

𝐶 𝑉

_

𝑉

𝑉
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The pump capacitor charging current, which is equal to the
input current, averaged over one switching cycle is equal to
𝐼

𝑄
𝑇

𝑓 ∙𝐶 𝑉

𝑓 ∙𝑄

𝑉

𝑉
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where fs is the converter switching frequency. Considering the
class-DE stage is designed to operate near resonance, with a
high gain close to unity, the difference between VDC and VOUT
gets to be very small. Assuming VDC  VOUT, (6) is re-evaluated
to
𝐼

III. CIRCUIT ANALYSIS
In this section, the circuit analysis is presented. The analysis
is based on the First Harmonic Approximation (FHA) approach
for modelling resonant converters, which assumes the resonant
tank current to be sinusoidal. That is ensured through the design
for a high loaded quality factor in the resonant tank. With that
assumption, a simple analysis and design flow is presented,
sparing the need for an accurate model that takes into account
the high-order harmonics in the resonant tank and pump circuit,
thus simplifying the design process.
Two conditions for proper functionality of the circuit are
illustrated. These conditions set the basis for the design process
covered in the following section. In addition, the different
circuit stresses that result from the incorporation of the chargepump circuit into the class-DE resonant stage are analyzed. The
stresses include the resonant tank peaking current and the DC
capacitor peaking voltage. The section starts with finding the
first condition for achieving high power factor based on the
principle of operation illustrated in section II, which sets the
basis for the class-DE stage design. That is followed by two
analyses for the voltage across the DC capacitor, including the
average voltage value, which is a function of the pump
capacitor CP size, and the low-frequency voltage ripple, which
is a function of the CDC size. Another condition for ensuring full

𝑉

_

𝑓 ∙𝐶 ∙𝑉
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Therefore, in steady state, the input current becomes
proportional to the input voltage, resulting in a high power
factor and low total harmonic distortion (THD). Accordingly,
this condition sets the specification for the class-DE stage
design.
B. Energy-Storage Capacitor Average Voltage Analysis
From (6), the input power averaged over a switching cycle is
obtained by
𝑃

𝑉 ∙𝐼

𝑉

𝑓 ∙𝐶 ∙𝑉

𝑉

𝑉
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And knowing that
𝑉

𝑉

_

sin 𝜔 𝑡
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The input power averaged over a line cycle is found by
𝑃

_

1
𝑇

𝑃 𝑑𝑡

2
𝑇

𝑃 𝑑𝑡
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Substituting (8) in (10), the integral is evaluated to
𝑃

_

𝑓 ∙𝐶 ∙𝑉
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2
𝑉
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Equating to POUT/ and rearranging to find VDC_avg
𝑉

_

𝜋 𝑉 _
2
2

𝑉

𝑃
𝜂∙𝑓 ∙𝐶 ∙𝑉
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_

where  is the converter efficiency. Therefore, the charge-pump
circuit results in a stress on the DC capacitor voltage, where a
larger pump capacitor results in a higher voltage stress across
the DC capacitor.
For an AC-DC rectifier, the difference between the
instantaneous input power and the constant output power needs
to be stored within a circuit element. In case of the proposed
converter, that element is the DC energy-storage capacitor CDC.
As discussed in section II-B, when the input voltage is high, so
is the input power, and the majority of the energy comes from
the line and gets stored in the pump capacitor CP, which then
charges the DC bus capacitor CDC, increasing the voltage across
it. On the other hand, when the input voltage is low, CDC
expends more energy to the load than what it stores from the
line, decreasing the voltage VDC. Further, when the input
voltage is zero, all energy comes from the DC capacitor and it
does not store any charge. This results in a double-the-linefrequency voltage ripple across the DC capacitor, as shown in
Fig. 8, which is evaluated from the energy of the DC capacitor
as follows. The power flowing into the DC capacitor is
𝑃

𝑃
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Assuming a power factor of one, where the input voltage and
current are sinusoids and in phase, and rewriting (8), the input
power is calculated to
𝑃
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For simplicity, assuming 100 % efficiency
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Substituting (14) and (15) in (13) gives
𝑃

𝑃
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Fig. 8. The input power and DC capacitor voltage waveforms.
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Rearranging for VDC and knowing that VDC (0) is equal to the
rms voltage [38]
𝑉

C. Energy-Storage Capacitor Voltage Ripple Analysis
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With the AC ripple being sufficiently smaller than VDC_rms, the
ripple amplitude can be evaluated by
𝑉

𝑃
2𝜔 ∙ 𝐶 ∙ 𝑉

_

19

_

Therefore, the low-frequency ripple on the DC capacitor
voltage is a function of the output power and the DC capacitor
CDC size.
D. Second Condition for Obtaining High Power Factor
From the analyses for the average DC capacitor voltage and
its low frequency ripple, the pump and DC capacitors should be
designed such that the minimum DC capacitor voltage is higher
than the peak input voltage. That guarantees no crossconduction occurs through the diode bridge and the pump
diode, the case allowing current to flow directly from the line
input to the DC capacitor, which reduces the power factor.
Therefore, for a high power factor, the following condition
needs to be satisfied
𝑉

𝑉
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Therefore, equation (20) sets a design specification for the
maximum ripple on the DC capacitor voltage, and accordingly
the minimum size of the DC capacitor for a given average
voltage across it, where the latter is a function of the pump
capacitor size.
E. Resonant Tank Maximum Current Amplitude Analysis
From the circuit operation illustrated in section II-B, it is
shown that the resonant tank carries both the charge pump
circuit current as well as the current to the output load. The
input charge QIN stored in the charge pump capacitor is
transferred to the resonant tank in interval 4, while the output
charge QOUT is supplied to the load by the DC capacitor and the
resonant tank in intervals 1A and 1B respectively. Accordingly,
a total charge of QTOT gets stored then depleted from the
resonant tank within one half of a switching cycle, as shown in
Fig. 6 (shadowed area), where
𝑄

𝑄
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With the assumption that the resonant tank has a high-enough
loaded quality factor QL with near-resonance operation, the
resonant tank current is a sinusoidal waveform that can be
described by
𝐼

𝑡
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Accordingly, (21) is evaluated to
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𝑇
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𝑄
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_

Dividing both sides of (23) by Ts gives the average currents
across the switching cycle
𝐼
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𝜋

Assuming IOUT is constant and IIN is a sinusoid in phase with the
input voltage VIN (unity power factor), the maximum values for
both currents are evaluated to
𝐼
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The maximum value for the resonant tank current amplitude
across a line cycle, which occurs at the peak input voltage, is
then evaluated to be
𝐼
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Accordingly, the charge pump circuit results in a stress in the
resonant tank current, which is a function of the input voltage
and output power of the converter.

𝑉
To account for the power stage gain not being one (𝑉
≠ 0), the value for CP can be adjusted to be marginally larger
than that obtained from (28), while keeping in mind that a larger
CP results in higher voltage stress across CDC.
B. Energy-Storage DC Capacitor Design
From (12) and (20), a specification is found for the maximum
allowed ripple on the DC capacitor voltage in order to guarantee
proper operation and high power factor. From (19), rearranging
for CDC, and considering a conservative substitution of VDC_avg
for VDC_rms, the sizing for the DC capacitor for a given ripple is
found from
𝑃

𝐶

2𝜔 ∙ 𝑉

A. Charge Pump Capacitor Design
The maximum current through the pump capacitor (averaged
over a switching cycle) is equal to the peak input current, which
takes place at the peak input voltage and is calculated from (26).
Substituting in (7) and rearranging for CP
𝐶

2𝑃
𝜂∙𝑓 ∙𝑉
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For applications with relaxed requirements for power factor and
THD, some cross-conduction can be allowed to occur without
violating the specifications, where some charge will flow
directly from the input line to the DC capacitor, resulting in a
short notch in the input current waveform. Thus, the sizing for
both capacitors constitutes a design trade-off between circuit
stresses, power quality and power density.
C. Class-DE Stage Design
The design procedure given in [14] is used for the class-DE
stage design. The procedure starts by calculating the rectifier
input resistance RREC from the load resistance RL through
impedance transformation via the resonant rectifier as follows

IV. DESIGN
This section illustrates the design process for the proposed
converter based on the analyses and design conditions covered
in section III. The design criteria covers the design for a given
set of specifications while satisfying the conditions for
obtaining a high power factor. First, the pump capacitor needs
to be large enough to store the maximum input charge from the
AC mains, which is function of the output power, the peak input
voltage, and the switching frequency. Second, the energystorage DC capacitor needs to be designed such that the voltage
across it, VDC, is always higher than the input voltage VIN across
the line cycle in steady state. That ensures the diode bridge and
the pump diode cannot conduct at the same time, and no direct
current flow from the line input to the DC capacitor, thus
providing full control on the input current, which has to flow
through the pump capacitor. Lastly, the class-DE stage is
designed based on the analysis in section III-A, which sets a
condition for the stage voltage gain to be high (close to unity).
That ideally eliminates the dependence of the input current on
the DC capacitor voltage VDC and the output voltage VOUT, and
makes it function of only the input voltage in steady state, as
shown by (7).
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The voltage conversion ratio is equal to
𝑉
𝑉 _

𝑀
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Considering a half bridge for the inverter switching network
and a class-D rectifier, the overall converter gain becomes
approximately equal to the resonant tank gain. The converter
loaded quality factor is then calculated using the following
equation
1
𝑀
𝑄

1
1
𝑓

𝑓
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where fn is the normalized switching frequency, equal to fs/f,
with f being the resonant frequency. In order to ensure the
validity of the above analysis based on the FHA approach, the
loaded quality factor QL of the resonant circuit needs to be high
enough so that the current through the resonant circuit is
sinusoidal. A loaded quality factor of ~2.5 is sufficient [14].
The normalized switching frequency is then obtained from (32).
Following, and for a specified switching frequency fs, the
resonant tank component values are calculated
𝑓
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𝐿
𝐶

It is worth mentioning that a higher QL value would not affect
the power factor, as it guarantees a more sinusoidal resonant
tank current with lower harmonic content. However, it can
complicate the magnetic devices design, see (34), which is a
challenge for this topology with the high current stress in the
inductor, as shown by (27), and can result in low efficiency. On
the other hand, a lower value for QL can result in mismatch
between the proposed design flow and the realized values, as
the current in the tank is no longer sinusoidal, and an accurate
model taking into account the high-order harmonics in the
resonant tank and the pump circuit is then needed, which
complicates the design.
The rectifier devices stresses are calculated as follows
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while the voltage stress for the half-bridge switches is the same
as the DC and pump capacitors voltage stresses, and is equal to
𝑉_

𝑉

_

𝑉
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_

and the current stress in the half bridge is equal to that of the
resonant tank obtained from (27).
V. 1 MHZ 50 W PROTOTYPE
This section covers the design and implementation of a 1
MHz 50 W prototype based on the analysis and design
conditions obtained from sections III and IV. Starting from the
design specifications, the design procedure for the presented
specifications is illustrated, followed by a presentation of the
simulation results used for functional verification. The resonant
inductor design process is then covered, followed by a
description of the implementation of the overall prototype.
Eventually, experimental results are presented and compared
against the analysis and circuit simulation results.
A. Design Specifications
Table I lists the specifications for the designed prototype,
which is proposed for PFC rectifiers supplied from European
mains for low-power range applications. A switching frequency
of 1 MHz is specified for the design, as it constitutes a good
trade-off between converter size and efficiency, with respect to
the range of frequencies that the state-of-the-art magnetic
materials allow for. As discussed in section IV-A, the gain of
the class-DE stage has to be high to allow for a high power
factor and low THD. A good approximation is to design for 300
V output voltage for a peak input voltage of 325 V. It is,
TABLE I. DESIGN SPECIFICATIONS.
Specifications
Design
Considerations

Input Voltage
Line Frequency
Output Power
Switching Frequency
Output Voltage

230 Vrms
50 Hz
50 W
1 MHz
300 V

however, possible to design for lower output voltages through
the insertion of a high-frequency transformer in the rectifier
circuit. As long as the pump capacitor is coupled to a highfrequency node with high voltage gain, inherent PFC
functionality is achieved.
B. Prototype Design Procedure
From the design specifications, the design process starts by
sizing the pump capacitor according to the output power, the
input voltage, and switching frequency. Finding the minimum
value for CP from (28), a marginally higher value is chosen to
account for the non-unity gain of the class-DE stage. The DC
capacitor voltage stress is then calculated from (12). Following,
the specification for the double-the-line-frequency ripple on the
DC capacitor voltage is evaluated from (20) in order to
guarantee high power factor. The DC capacitor is then designed
for the specified low-frequency ripple according to (29).
Eventually, the class-DE stage design takes place according to
the procedure given in section IV-C, using (30-38), where the
resonant tank current stress is calculated from (27).
It is worth noting that this design procedure is a first pass
approach, as numerous issues have been neglected for
simplicity, including parasitics and other non-idealities. A
design decision is made for power quality, where a design
iteration with respect to a larger pump capacitor and/or a larger
DC capacitor can be needed. Another decision is then made on
whether the design specifications with respect to power density
and efficiency are met. If not, a design iteration with respect to
class-DE stage design is conducted for a different output
voltage and/or resonant tank quality factor.
Table II lists the obtained design values according to the
specifications given in Table I, with a resonant tank quality
factor of 2.4 and assuming 90 % efficiency.
C. Simulation Results
Based on the analysis and calculated values, the circuit is
simulated in LTspice for functional verification. Fig. 9 shows
the simulation results at full-load operation. Fig. 9 (a) shows the
line-frequency waveforms at an output power of 50.6 W and an
average output voltage of 300 V, with a power factor of 0.99
and a THD of 5.5 %. Fig. 9 (b) shows the switching-frequency
waveforms at the peak input power (lt = π/2, 3π/4), where ZVS
operation is observed on the VSW waveform, which peaks to ~
370 V, while a sinusoidal resonant tank current with a peak
value of 1.6 A is observed. Thus, the results go in accordance
with the analysis in section IV and the calculated values in
section V-B.
D. Resonant Inductor Design
Table III summarizes the specifications for the resonant
inductor design, which are obtained from the circuit analysis
TABLE II. DESIGN VALUES CALCULATED FROM CIRCUIT ANALYSIS.
Parameter
CP (min.)
VDC_avg
CDC (min.)
LRES
CRES
IRES_max

Calculated
1.05 nF
349 V
9.6 µF
158 µH
206 pF
1.6 A

Pv [mW/cm3]

104

103

102
Ferroxcube 3F46
Micrometals -6
Ferroxcube 3F4

101
101

102

B [mT]

(a) Line-frequency waveforms.

Fig. 10. Core power-loss density (Pv) vs. magnetic flux density (B) for different
magnetic materials at 1 MHz.

losses are a function of the peak flux density for a chosen
material, the losses for a given number of turns and core size
can be estimated. The following calculation of the DC
resistance of the windings gives an estimate of the winding
losses. The total cross-sectional area of the windings Ac is
calculated from
𝐴

𝑛

∙𝜋∙𝑟

40

where nwires is the number of strands of Litz wire and rwire is the
wire radius. The DC resistance is then calculated from
𝑅

(b) Switching-frequency waveforms.
Fig. 9. Simulation results at full-load operation.

and verified with simulation results, where the peak current
amplitude and the inductance specifications are obtained from
(27) and (34) respectively.
When handling high-frequency AC currents, a key factor to
the inductor design is choosing the right core material. Several
magnetic materials [39][40] are investigated and compared in
terms of core losses at 1 MHz, as shown in Fig. 10, where the
3F46 material is chosen, as it shows the lowest core losses at
the design operating conditions. The following equation is used
to estimate the inductor core losses. The peak flux density in the
core can be calculated from [38]
𝐵
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where N is the number of turns, L is the inductance, and Ae is
the effective core cross-sectional area. Considering that the core
TABLE III. RESONANT INDUCTOR DESIGN SPECIFICATIONS.
Parameter
Inductance
Current Frequency
Current Peak Amplitude

Specification
158 µH
1 MHz sinusoid
1.6 A

𝜌

∙

𝑀𝐿𝑇 ∙ 𝑁
𝐴
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where ρcu is the copper resistivity and MLT is the mean length
of turn. For an EFD 25/13/9 core size, with two parallel layers
of 20 x 0.05 mm Litz wire, the DC resistance is calculated to
8.6 mΩ ∙N.
Next, the AC resistance of the windings is calculated. The
skin effect is negligible when using Litz wire at 1 MHz, but the
proximity effect can have a significant influence on the closely
wound wires. Modelling the AC resistance to be three times
larger than the DC resistance (based on empirical tuning), the
winding losses are estimated to
𝑃

𝑅

∙𝐼

3∙𝑅
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2

33 𝑚𝑊 ∙ 𝑁
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Fig. 11 shows the inductor losses vs. number of turns. Based
on these estimates, the inductor is designed with 52 turns, which
helps to distribute the losses evenly between the core and the
winding, and results in acceptable total losses. An airgap of 1.2
mm, distributed across the three legs of the core, adjusted the
desired inductance. Fig. 12 shows the small signal
characteristics of the implemented inductor measured using a
40 Hz – 110 MHz precision impedance analyzer (Agilent
Technologies 4294A). At 1 MHz, an inductance of 152.3 µH
and an ESR of 2.5 Ω are obtained, corresponding to a Q-value
of 380 and 3.2 W of losses when excited with a 1.6 A sinusoidal
current. This is a first-pass approach for the resonant inductor
design, which assumes room temperature for inductor core and

Fig. 13. Prototype power stage.

Fig. 11. Inductor losses vs. number of turns.

Fig. 12. Resonant inductor inductance and ESR measurements.

windings, and does not take into account the impact of the nonideal field distribution in the core and the windings self-heating.
E. Implementation
Fig. 13 shows a photograph of the implemented prototype
power stage. The converter is implemented and assembled on a
two-layer printed circuit board (PCB). Because of the chargepump circuit operation, a high-frequency AC current runs
through the input bridge, which is implemented using four fastrecovery diodes. With respect to selection of switches, Fig. 14
shows a comparison based on datasheet parameters between the
best in-class switches figures of merit [41]-[44], where gallium
nitride (GaN) FETs show superior performance compared to
the silicon superjunction and silicon carbide (SiC) counterparts.
Device 6 in Fig. 14 is used for the inverter design. The
switches gate-driving circuit is comprised of a digital isolator
(Si8610BC by Silicon Labs) and a gate driver (UCC27611 by
Texas Instruments) for each of the high-side and low-side
switches. For the high-side driver supply, a bootstrap network
of a diode (GB01SLT06-214, SiC Schottky) and a capacitor (1
µF, ceramic X7R) is used, in addition to a peripheral solution
comprised of isolated power supplies (MTE1S0506MC by
Murata), and both circuits are equally operational.
In order to control noise coupling from the power loop to
gate-drive loop, the gate driver packages are placed as close as
possible to the devices gate terminals to minimize the gate
parasitic inductance. Another layout consideration taken is the
separation of the source terminal to the driving and power loops

Fig. 14. Summary of best in-class switches’ figures of merit.

in a star-connected fashion. That helps alleviate the gate ringing
resulting from the common-source inductance. As the selected
gate driver offers separate source/sink outputs, a separate 0402
SMD gate resistor is added to each path to control the miller
effect. A source gate resistor of 30 Ω is chosen to reduce the
turn-on dv/dt slew rate and limit gate oscillation. On the other
hand, a sink gate resistor of 4 Ω is chosen to provide a strong
pull-down during turn-off, hence preventing the false turn-on
events with the low threshold voltage of GaN FETs.
For the rectifier side, SiC Schottky diodes are employed, as
they show higher efficiency compared to the silicon highTABLE IV. PROTOTYPE POWER-STAGE BOM.
Component Calculated Simulated
Prototype
LIN
100 µH
100 µH / 0.5 A
CIN
30 nF
2 * 15 nF / 450 V
Diode Bridge
4 * ESH1GM RSG
CDC
9.6 µF
10 µF
1 * 10 µF / 450 V
3 * 0.1 µF / 450 V
DP
RF201LAM4S
CP
1.05 nF
1.3 nF
2 * 680 pF / 500 V
QHS, QLS
GS66502B
LRES
158 µH
158 µH
152 µH / 1.6 A
CRES
206 pF
200 pF
220 pF / 3 kV
DR1, DR2
GB01SLT06-214
COUT
30 nF
2 * 15 nF / 450 V

Type
Inductor
Ceramic (C0G)
Si Fast Recovery
Electrolytic
Ceramic (C0G)
Si Fast Recovery
Ceramic (C0G)
GaN Switches
Custom design
Ceramic (C0G)
SiC Schottky
Ceramic (C0G)

voltage counterparts. Table IV shows a breakdown of the
incorporated power stage bill-of-materials (BoM) for the
proposed design.
F. Experimental Results
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The converter is tested for operation from 230 Vrms at
switching frequencies between 0.96 MHz and 1.04 MHz, which
are within the inductive mode of operation for the resonant
converter, and accordingly, soft-switching operation can be
achieved. Fig. 15 (a) shows the output power and efficiency
across the operational frequency range for the proposed
converter. Results illustrate that an output power ranging from
26.6 to 50 W is obtained through frequency modulation, while
achieving a peak efficiency of 87.8 %. Fig. 15 (b) shows the
power quality results. The converter achieves a peak power
factor of 0.99 and minimum THD of 8.6 %, at an output power
of 50 W and switching frequency of 0.96 MHz. Results show
that operation at lower frequencies, close to resonance with
higher gain, achieves higher power factor and lower THD,
which goes in accordance with the analysis given in section III.

Fig. 16 shows scope captures for the implemented prototype
waveforms at full-load operation. Fig. 16 (a) shows the low
frequency waveforms, including the input voltage and current
as well as the output voltage. The input voltage is displayed
using a high-voltage differential probe (Testec SI 9001), while
the input current is measured using a 50 MHz current probe
(Hioki CT6700), and the output voltage is measured using a 500
MHz 10x voltage probe with 9 pF capacitance. The figure
shows an almost-sinusoidal input current with a phase
difference of 5.7 ° with the input voltage, and an average output
voltage of 300 V, which matches the circuit analysis and the
simulation results shown in Fig. 9 (a). A 100 Hz ripple of 40 V
is measured on the output voltage, which is about 13 % of the
DC voltage and can be reduced through the incorporation of a
larger DC capacitor. Fig. 16 (b) shows a scope capture for the
high-frequency signals at full-load operation. The capture is
taken with infinite persistence to visualize the variations across
the input voltage range, which is the low-frequency ripple on
the DC capacitor voltage. The resonant circuit current IRES is
measured using a 50 MHz current probe (LeCroy AP015). The
current is seen to be sinusoidal, thus ensuring the validity of the
design process given in section IV-C, which is based on the
FHA approach. The resonant tank current peaking effect
matches the 1.6 A value obtained from the analysis in section
III-E and the simulations results shown in Fig. 9 (b). The
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Fig. 15. Obtained prototype measurements across operational frequency range.

(b) Switching-frequency waveforms in infinite-persistence mode (VSW 100
V/div, IRES 1 A/div, HSG/LSG 5 V/div with 200 ns/div).
Fig. 16. Scope images for the implemented prototype waveforms at full-load
operation.

switching node voltage waveform VSW is measured using a 500
MHz 10x voltage probe with 9 pF capacitance and shows that
soft switching is obtained across the input voltage range.
Fig. 17 shows scope captures for the implemented prototype
waveforms at half-load operation. As expected, operation at
higher frequencies, away from resonance, results in lower
power factor and higher THD, as observed from Fig. 17 (a),
which are quantified in Fig. 15 (b). On the other hand, Fig. 17
(b) shows a reduced resonant tank current stress, resulting in
higher efficiency at lower loads, as shown by Fig. 15 (a).
The driving signals to the switches are synchronized with the
same duty cycle and extended dead time. For the full-load
operation shown in Fig. 16 (b), the driving signals duty cycle is
adjusted and fixed at 37 %, where ZVS is achieved and the
average devices temperature is minimal, resulting in a dead
time of 135 ns. Considering that the input voltage for the halfbridge is not dc, where it has the double-the-line-frequency
ripple on top of the average DC capacitor voltage, see (38), full
ZVS is achieved for the mid-range of VDC. Whereas partial soft
switching is observed at the lower end of that range, as longer
dead time is needed. On the other hand, a short interval with
GaN-FETs reverse conduction is noticed at the higher end of
the range, for which a shorter dead time can achieve full ZVS.
Considering that the GaN device has zero reverse recovery
charge (QRR), the worst-case power loss due to reverse

conduction can be estimated as follows. Fig. 18 shows
measurement results for the reverse conduction characteristics
of the employed GaN device across different temperatures with
zero gate-source voltage (obtained using a Keysight B1505A
curve tracer). Assuming an average reverse current Irev equal to
the maximum resonant tank current, 1.6 A, a voltage drop of
about 2.2 V is developed across the GaN device (Vrev). From
Fig. 16 (b), a reverse conduction interval Trev of 80 ns is
observed for each device. The power loss due to reverse
conduction Prev is then calculated to
𝑃
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Considering that reverse conduction occurs only for the high
end of the voltage range across the half-bridge, the value
obtained from (43) represents a pessimistic case that assumes
that reverse conduction occurs across the entirety of the linecycle, with the same reverse current. Accordingly, the actual
contribution of the reverse conduction loss to the total power
loss is of less concern.
For achieving the best efficiency across line and load ranges,
an adaptive dead-time adjustment circuit can be incorporated
[45]. A less-effective but lower-cost method to alleviate that
effect is through the incorporation of a larger capacitor CDC,
which results in reduced ripple across the DC capacitor and
half-bridge, see (19).
Fig. 19 shows the input current harmonics distribution at full
and half-load operations, where THD figures of 8.6 % and 17.4
% are measured respectively. Since one of the potential
applications for the proposed converter is the rectifier stage in
LED drivers, the figure illustrates the harmonics magnitudes
against IEC 61000-3-2 standard class-C device limits
[1][2],where it is shown that the measured harmonics
magnitudes are well-within the limits set by the standard.

(a) Line-frequency waveforms (VIN 100 V/div, IIN 100 mA/div, VOUT 100 V/div
with 5 ms/div).

(b) Switching-frequency waveforms in infinite-persistence mode (VSW 100
V/div, IRES 1 A/div, HSG/LSG 5 V/div with 200 ns/div).
Fig. 17. Scope images for the implemented prototype waveforms at half-load
operation.

Fig. 18. Measured GaN device reverse characteristics across different
temperatures for VGS = 0 V.

Fig. 19. Input Current harmonics distribution.

Fig. 20. Thermal image for converter at full-load.

Fig. 20 shows a thermal photograph for the prototype under
full-load operation, where the inductor windings are the hottest
element in the circuit, with a maximum temperature of 84.5 ℃
(with airflow).
Table V shows a comparison of the proposed work with
several reported solutions for the PFC front-end in single-phase
offline converters for low-power applications. While the
majority of the reported converters operate at low frequencies
to limit the switching losses, the proposed converter operates at
1 MHz with soft switching. The proposed converter also has the

potential for operation at higher frequencies, as all of the circuit
components scale with frequency (other than the DC energystorage capacitor size, which is dictated by the 50/60 Hz
standard line frequency). In addition, different PFC control
techniques are employed in the reported solutions, while the
proposed converter achieves PFC inherently, where the circuit
overhead is only an extra diode and a capacitor. That simplifies
the design and provides freedom from the limited frequency
range for available PFC controllers, which is another factor
allowing for high-frequency operation. The output-voltage
control can be achieved with switching frequency modulation
and/or burst-mode operation, depending on the requirements of
the following DC-DC stage, where results has shown that high
power factor and low THD are achieved across the load range.
Similar to most of the reported solutions, the proposed
structure is compatible with universal input mains, as the charge
pump circuit is able to achieve inherent PFC regulation,
regardless of the input voltage, where the analysis and principle
of operation of the pump circuit is the same across any input
voltage that can range between 85 – 265 Vrms. However, in order
to achieve the same output power across both ends of the input
voltage range, two aspects need to be taken into consideration.
First, the resonant tank needs to be designed for the worst-case
conditions, with respect to the input rms voltage and output
power. More specifically, the resonant tank inductor needs to
be designed to handle the worst-case current, which comes with
the minimum input rms voltage and maximum output power, as
can be seen from (27). Second, in order to satisfy the first
condition for obtaining high power factor, given in section IIIA, which entitles the class-DE stage to operate near resonance
with a near-unity gain, the output voltage will change across the
range of the input rms voltage. That in turn will require the
following DC-DC stage to have a wide-input line regulation
capability. Fig. 21 shows a scope capture for the implemented
prototype line-frequency waveforms with 120 Vrms input,
delivering an output power of 12.8 W, a power factor of 0.99,
and a THD of 9.1 % for an average output voltage of 179 V with
20 V low-frequency ripple. Fig. 22 shows the input current
harmonics magnitudes for 120 and 230 Vrms inputs. The figures
show that high power factor and low THD are achieved with
different input voltages, as the charge pump circuit works in the
same manner. Yet, to achieve the full-load operation for the low

TABLE V. COMPARISON WITH REPORTED LITERATURE.
Reference
Year
Topology
Aux. Circuits

[4]
2011
Buck
None

Mains Compatibility
Universal
Output Power [W]
100
Output voltage [V]
90
Power Factor
0.98
THD [%]
--Efficiency [%]
96.5
(switches)
Si
Semiconductors
(diodes)
Si
Switching freq. [kHz]
25 – 425
PFC Control
Constant
ON-time
Output Voltage Control
Constant
ON-time

[5]
2013
Buck
Switch and 2
diodes
Universal
100
80
0.96
18
95.5
Si
Si
--Constant ONtime
Constant ONtime

[8]
2016
Boost
None

[10]
2013
Buck-Boost
None

[11]
2017
Flyback
None

[12]
2011
SEPIC
None

[13]
2016
SEPIC
None

This Work
2019
Resonant
Capacitor and diode

Universal
150
250 / 450
--5
95
Si
SiC
125 – 1000
PWM / PFM

Universal
12
112 / 350
0.98
8.7
88
Si
Si
65
PWM

100 Vrms
65
48
--1.6
92.8
Si
Si
50
PWM

220 Vrms
21
30
0.99
12.6
91.6
Si
Si
50
PWM

Universal
50
300
0.99
8.6
88
GaN
SiC
1000
Inherent

PWM / PFM

PWM

Universal
60
24
0.99
8
90.8
Si
Si
45 – 300
Variable ONtime
Variable ONtime

PWM

PWM

PFM

line voltage, the resonant tank needs to be redesigned for the
high current that will result from (27), while the current
prototype was designed for the 230 Vrms mains input as given in
the design specifications in Table I.
Even though the inherently achieved power factor and THD
figures fall within the reported ranges, it is noted that the
proposed solution has lower efficiency compared to several
reported ones. This comes from two main factors. The first
being the added stress on the resonant-tank, as the pump circuit
operation entitles the resonant tank to store the energy from the
input line as well as the energy to the load every switching
cycle, which is the main reason for the current peaking effect
analyzed in section III-E and evaluated by (27). With the
employed high-frequency magnetic material for the given
operation frequency range, the core losses scale with ~
fs2.5ꞏIRES2.34 [39], while the winding losses scale with ~ fsꞏIRES2.
Accordingly, in addition to the high frequency design, the
current stress in the resonant tank results in high losses in the
resonant inductor. A way to alleviate that effect is through the
incorporation of a larger core or a better-suited magnetic
material. The second factor is the partial soft switching of the
converter with the implemented fixed dead time, which can be
alleviated through the incorporation of an adaptive dead-time
adjustment technique and/or a larger energy-storage capacitor
CDC. On the other hand, a lower frequency design would
mitigate both effects while sacrificing the power density. These
factors together constitute a trade-off between efficiency,
power density and power quality (power factor and THD).

It is worth mentioning that while the proposed architecture is
tested and implemented with a series-resonant tank, the chargepump circuit is functional with other arrangements for the
resonant tank, including the parallel-resonant, LLC, and LCC
circuits. In addition, resonant converters allow for galvanic
isolation through the addition of a high-frequency transformer
to the resonant tank. These features allow for different output
voltages that can be higher or lower than the input voltage,
which gives additional flexibility for the following DC-DC
stage design based on the application and system requirements.
VI. CONCLUSION
The analysis and design flow of a charge-pump-based
resonant PFC rectifier for low-power single-phase offline
converters is presented. The system incorporates an input
bridge, a charge-pump circuit, a DC energy-storage capacitor,
and a class-DE resonant converter. Although the circuit is
subject for additional stresses from the incorporation of the
charge pump circuit, which result in added losses in the
resonant tank, the converter achieves PFC functionality
inherently. At the same time, the operation is based on soft
switching, allowing for increased switching frequencies with
reduced switching losses. A prototype is built and tested to
validate the presented analysis and design procedure. The
prototype achieves up to 50 W of power, with a power factor of
0.99, a THD of 8.6 %, and an efficiency of up to 88 %, with
harmonic magnitudes well-within the IEC 61000-3-2 standard
class-C device limits, making it suitable for use as the rectifier
stage in LED drivers.
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Abstract
Resonant power converters operating at increasingly high switching frequencies are pushing the demands for
high-Q inductors handling pure AC currents at frequencies in the MHz range. In order to keep core losses low,
air gaps are needed to reduce the flux density and effective permeability of the core. These gaps, however, cause
fringing of the B-fields, resulting in significant eddy-current losses in the inductor windings, even with state-of-the-art
Litz wire. This paper proposes a method of implementing quasi-distributed air gaps in commercially available core
shapes and investigates their effect on winding losses in a reference design. For a 150 µH inductor excited by a 1 A
sinusoidal current at 1 MHz, the technique is shown to increase the large-signal Q value by up to 25 % in an EFD
25/13/9 core.
Index Terms
Resonant Converters, Inductors, Eddy currents

I. I NTRODUCTION
In the pursuit of increasing power densities, the recent years have seen significant research interest in switch
mode power converters operating at switching frequencies in the range of MHz or tens of MHz [1]–[5]. When
This project has received funding from the European Union’s Horizon 2020 research and innovation programme under grant agreement No
731466. F. M. Spliid, A. Ammar, Y. Nour and A. Knott are with the Department of Electrical Engineering, Technical University of Denmark,
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R. Sullivan is with the Thayer School of Engineering, Dartmouth College, Hanover, NH 03775 USA (e-mail: charles.r.sullivan@dartmouth.edu)
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Fig. 1: Schematic of class DE resonant converter.

operating at these high switching frequencies, resonant converter topologies are of great significance, as they utilize
soft switching and suffer less from switching losses than traditional hard-switched topologies would at the same
frequencies [6]. Resonant converters usually consist of an inverter circuit converting a DC voltage into an AC current
and a rectifier circuit converting the AC current back into a DC voltage. These two circuit elements are connected
through a resonant tank consisting of one or more inductors and capacitors [6]. A popular resonant converter
topology is the series-resonant class DE converter [7] shown in fig. 1, which has the benefits of low voltage stresses
on the switching devices and using only a single magnetic component. Furthermore, the emergence and continuing
evolution of wide-bandgap semiconductor technologies, such as Gallium Nitride (GaN) transistors, have helped push
this development. The improved figures of merit of these new switching devices [8], [9] have enabled switching
operation at higher frequencies than previously possible. But while the resonant topologies reduce stresses and
losses in the switching devices, the high-frequency AC currents in the resonant tanks give rise to other problems,
as the combination of the high AC flux in the magnetic cores and severe AC loss effects in the inductor winding
make the design of magnetic components more complicated [10], [11]. While some works have shown switching
operation in the very high frequency (VHF) range using air core inductors [12]–[17], other works designed for
higher voltages and power ratings are limited to the lower MHz range and require ferrite cores in order to achieve
acceptable Q values in the resonant tanks [18]–[20].
When designing inductors with high AC current and flux density, it is essential to choose magnetic materials with
low core losses in the desired frequency range. In the low MHz range the most feasible materials are various
MnZn and NiZn ferrites optimized for low core losses. However, the best materials for this frequency range have
high relative permeabilities with µr values in the range of hundreds or even thousands. Fig. 2 compares a range
of materials [21]–[28] with respect to their relative permeability and power loss density for 50 mT peak AC flux
density at 1 MHz.
In order to reduce core losses and avoid saturation at high current amplitudes, it is often necessary to decrease
the effective permeability of the inductor cores. As none of the best available materials are available in powdered
versions, this can only be achieved through the introduction of discrete air gaps, which cause fringing of the B
fields and significant eddy current losses in the windings around the gaps. The fringing effects can be limited
by separating the air gaps into a number of ”quasi-distributed” gaps separated by magnetic material, and this has
previously been shown to help reduce eddy current losses in planar inductors and custom core designs [29], [30].
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Fig. 2: Comparison of relative permeability and core losses with 50 mT sinusoidal excitation at 1 MHz for different
ferrite materials [21]–[28].

This paper investigates the effects of dividing the air gaps between two half EFD 25 cores into multiple sections,
through the use of a number of ferrite ”slices” made from the same material as the half cores. If successful, this can
prove to be a cheap and flexible alternative to powdered cores with truly distributed air gaps. A concept drawing
of the core with multiple air gaps is shown in fig. 3.

Fig. 3: Conceptual drawing of a magnetic core with multiple air gaps.

II. T HEORY
Loss mechanisms in magnetic components can largely be be divided into two groups: Winding losses caused
by currents and magnetic fields in the windings, and core losses caused by the AC flux in the ferrite core. With
current and inductance being kept constant, the winding losses generally increase with the number of turns while
the core losses decrease. The key to designing low-loss inductors is basically to find the best trade-off between
core and winding losses. The optimal design for a given inductor depends on the voltage and current waveform

January 13, 2020

DRAFT

Journal of Emerging and Selected Topics in Power Electronics

Page 4 of 15
4

1
2
3
4
5
6
7
8
9
10
11
12
13
14
15
16
17
18
19
20
21
22
23
24
25
26
27
28
29
30
31
32
33
34
35
36
37
38
39
40
41
42
43
44
45
46
47
48
49
50
51
52
53
54
55
56
57
58
59
60

shapes as well at the operating frequency. While inductors designed for low frequencies or large DC currents are
usually limited by the need to avoid core saturation, inductors for AC-dominated signals or high frequencies suffer
from high core losses and needs optimization with regard to those.
A. Resonant converters inductor stresses.
In ideal resonant converters, where the resonant tanks have high loaded Q values, the inductors are excited with
a purely sinusoidal current. The sinusoidal excitation makes the modelling of the losses simpler than many more
complex waveforms, as the signals consist of only a single frequency component. The current in the inductor can
be described as a sine wave with angular frequency ω and amplitude Ip .
ires = Ip · sin(ωt)

(1)

Ignoring any higher harmonics, the voltage across the same inductor can be described as
vL = Ip · ω · L · cos(ωt)
The peak AC flux density in the core can be calculated through Faraday’s law.
π
R ( 2ω
)
vL (t)dt
Ip · L
0
=
Bpk =
N · Ae
N · Ae

(2)

(3)

where Ae is the effective magnetic area of the chosen core and N is the number of turns in the inductor winding.
If a specific inductance is needed, the number of turns can be calculated from the AL value of the core.
r
L
N=
AL
Inserting this expression into (3) gives the following equation
√ √
Ip · L · AL
Bpk =
Ae

(4)

(5)

With a closed core, the AL value is can be described as
AL =

Ae · µ0 · µr
le

(6)

Where µ0 is the permeabilty of vacuum, µr is the relative permeability of the core, and le is the effective magnetic
length of the core. Combining (5) and (6) gives an expression showing the relation between µr and Bpk .
r
L · µ0 · µr
Bpk = Ip ·
Ae · le

(7)

It is seen that the peak flux density scales with the square root of the relative permeability of the core. For sinusoidal
excitations the power loss density in a ferrite core can be approximated by Steinmetz’ equation, where Cm , α and
β are constants specific to the material and f is the frequency of the flux ripple.
β
Pv = Cm · f α · Bpk
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Specifications
Ip
1A

Core

L

le

Shape

150 µH

Ae

57 mm

EFD 25/13/9

58 mm

Ve
2

3300 mm

3

a

b

12.5 mm

12.5 mm

TABLE I: Inductor specifications and core dimensions.

In order to keep the core losses at an acceptable level, it is necessary to limit the peak flux density. As an example,
the maximum allowed µr to keep the peak flux density below 50 mT for an inductor with the specifications in
table I can be calculated by rearranging (7).

µr =


50 mT
1A

2

Bpk
Ip

2

Ae · le
=
L · µ0

(9)

58 mm2 · 57 mm
= 43.8
150 µH · 0.4π µH
m

Looking at the investigated materials in fig. 2, the material closest to this value is material 67 (Fair-rite) with a
relative permeability of 40. If the inductor was designed with a closed core of this material, the resulting core loss
would be
Pcore,67 = 3300 mm3 · 1000 mW/cm3 = 3.3 W

(10)

For the investigated material with the lowest core loss, ML91S from Hitachi metals, the core loss for the same flux
density would be ten times lower:
Pcore,M L91S = 3300 mm3 · 100 mW/cm3 = 330 mW

(11)

In order to get this core loss from a ML91S core, the relative permeability would need to be reduced by a factor
of roughly 20 in order to reduce to the flux to this level.
In order to lower the effective relative permeability of the core, an air gap is needed. Ignoring any fringing of the
fields, the total length of this air gap, gtotal , is calculated by (12) from [31], where µr is the relative permeability
of the core material and µef f is the desired effective permeability of the core with gap.
gtotal =

57 mm 900 − 43.8
le µr − µef f
·
=
·
= 1.27 mm
µr µef f − 1
900
43.8 − 1

(12)

1.27 mm
= 635 µm
2
between the two halves. In practice however, the total gap would need to be larger in order to compensate for the

If the gap is created by simply separating the two half cores, this would require a gap of

fringing of the field in the gap.
For a gapped core with the effective permeability calculated in (9), the resulting AL value can be calculated from
(6).
AL =

58 mm2 · 0.4 µH/m · 43.8
nH
= 52
57 mm
turns2

The required number of turns to achieve the desired inductance is then calculated
s
r
L
150 µH
N=
=
= 54 turns
nH
AL
52 turns
2
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B. Winding losses and air gaps
Winding losses can be divided into two types - conduction losses and eddy current losses. While the first type
can be reduced by increasing the copper area of the conductor, the second type increases with copper volume and
can be decreased by reducing the diameter of individual wires. Furthermore, the second type depends on the shape
of the B field in the winding region and the placement of the turns.

The conduction losses can be calculated from the DC resistance of the winding. This is calculated by (15), where
ρ is the resistivity of the winding material, lw is the total length of the winding and Ac is the conducting area of
the winding.
RDC =

ρ · lw
Ac

(15)

For a Litz wire with n strands of diameter dc , the expression can be written as
RDC,Litz = 4

ρ · lw
π · n · d2c

(16)

The conduction losses for a sinusoidal current with amplitude Ip will then be
2
2
Pconduction = IRM
S · Rdc = 2 · Ip ·

ρ · lw
π · n · d2c

(17)

The eddy current losses are caused by the B field in the winding. Assuming that the shape of the field is not
affected by the winding itself (this is the case if strand diameter is smaller than the skin depth at the operating
frequency), the eddy current losses in a winding consisting of a single round wire can be calculated by the following
equation [32], where B̂RM S is the spatial RMS value of the B field in the winding region at peak inductor current.
Peddy =

4
2
π · ω 2 · lw · B̂RM
S · dc
128 · ρ

(18)

For a Litz wire of n strands, this loss has to be multiplied by n in order to calculate the total eddy current loss in
the winding.
Peddy,Litz = n ·

2
4
π · ω 2 · lw · B̂RM
S · dc
128 · ρ

(19)

Adding (17) and (19) gives an expression for the total winding loss:
Pwinding = Ip2 ·

n · π · ω 2 · lw · d4c
2 · ρ · lw
2
+
B̂
·
RM
S
π · n · d2c
128 · ρ

(20)

Assuming that the field shape remains constant and core saturation does not occur, B̂RM S is proportional to Ip ,
and the winding will have an equivalent resistance depending on frequency.
The ratio between the current and the B field in the winding depend on the shape and permeability of the core,
and can be simulated using FEM tools. Using 2D magnetostatic field simulations in ANSYS Maxwell, the fields
in an EFD 25/13/9 core are simulated for different core configurations. Fig. 4 shows the field shape in and around
a single winding window in a uniform core with a relative permeability of 43.8 (fig. 4a), and a core with a relative
permeability of 900 and an air gap between the two core halves to give the same effective permeability (fig. 4b).
Assuming that the winding and the air gaps are symmetrical, the field distribution in the other winding window
will be identical. In fig. 4b, the field is seen to curve significantly, resulting in a stronger field in the winding
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(a) Uniform core

(b) Separated half-cores

with 1.6 mm gap
Fig. 4: Field shape in EFD 25/13/9 winding window (top view).

window. The exact field strength in the winding depends on its placement in the winding window, but through
simulations, the RMS field strength in the full window is found to increase by a factor of 3.25 when the gap is
added - causing an increase in eddy current losses by a factor of 10.56. If the winding is placed close to one of
the gaps the difference is likely to be even larger, while the effect will be less significant in the center or towards
the top and bottom of the winding window.
In any case, it is clear that the eddy current loss is greatly affected by the addition of the air gap in the core. As
indicated by (19), the effect can be compensated by using Litz wire with a smaller strand diameter. In practice,
however, there is a lower limit on how small strands can be used, with the smallest commercially available diameters
being in the range of tens of µm. When operating in the MHz range, even the smallest available strand diameters
might still have significant eddy current losses, and other methods for loss reduction need to be considered.
C. Effects of quasi-distributed air gaps
As demonstrated in the previous sections, air gaps are often necessary in resonant inductors in order to maintain
core losses at an acceptable level, but at the same time the air gaps cause curving of the magnetic flux, inducing
eddy currents in the winding and causing extra losses. The reason for the curving of the magnetic flux with the
addition of the air gap is the non-uniformity of the permeability in the flux path. When the flux crosses the boundary
between two materials of different permeability, the field will curve outwards or inwards depending on the ratio
between the permeabilities. When the length of an air gap in increased, this effect becomes more significant, and
the amount of flux flowing outside the main path is a linear function of the gap length [31].

In the ideal case, the flux path has a uniform permeability and the field follow the shape on the core with no
fringing. This would be the case for a powdered core with distributed air gap. If the air gap is divided into a number
of different sections as a ”quasi-distributed’ air gap, this ideal case can be approached. Two simulated cases with
the air gap between the cores divided into 7 sections of equal length is shown in fig. 5. The total gap length has
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(a) Evenly spaced

(b) Centered

Fig. 5: Field shape with seven gap sections (top view). Each gap has a length of 180 µm.

been adjusted in order to achieve the same effective permeability as the case with a single gap. The first case shows
the effect of 7 air gaps evenly distributed along the height of the winding window - the resulting field shape is
seen to be closer to the ideal case with the uniform core than the single gap version seen in fig. 4. The value
of B̂RM S in the winding region is found to be 39 % larger than the uniform case, resulting in the eddy current
losses being 92 % larger than the ideal case and 82 % smaller than the single gap case. The second case shows
the same gaps centered around the center of the winding window and separated by 0.5 mm thick slices of core
material. This case is easier to implement in practice as commercially available half cores can be used as the end
pieces and only the magnetic slices need to be custom made. The field is still seen to have some curving into the
winding window, but it is less significant than with only a single gap. This simulation show a 140 % increase in
the winding window B̂RM S compared to the case with a uniform core, corresponding to a 45 % decrease in eddy
current losses relative to the single gap version. As the drop in magnetomotive force is still concentrated around the
center of the winding the flux in the winding area is still significant compared to the ideal case, but nonetheless an
improvement compared to the case with a single gap is observed. Field simulations are performed with the number
of gap sections increasing from 1 to 7 with centered gaps. Simulated values of B̂RM S and Peddy normalized to
the ideal case with uniform core as well as the single gap case are shown in table II, and the field shapes for
core configurations with 3 and 5 gap sections are shown in fig. 6. The strength of the B-field and the eddy current
losses are seen to decrease as more gap sections are added, with the benefit of each additional gap section slowly
decreasing.
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(a) 3 gaps of 500 µm

(b) 5 gaps of 270 µm

Fig. 6: Simulated field shapes for increasing number of gaps.

Peddy
Peddy,1

Sections

B̂RM S (norm.)

Peddy (norm.)

1

3.25

10.56

1

2

3.03

9.17

0.87

3

2.87

8.25

0.78

4

2.76

7.6

0.72

5

2.58

6.67

0.63

6

2.48

6.16

0.58

7

2.4

5.76

0.55

TABLE II: Simulated values of B̂RM S and Peddy (normalized with respect to values for uniform core).

III. E XPERIMENTAL WORK
The effect of the quasi-distributed gap technique is tested experimentally, using an EFD 25/13/9 core of the
ML91S material from Hitachi Metals, along with a number of custom-made 0.5 mm slices of the same material
matching the dimensions of the core legs, as illustrated in fig. 3. The slices of the ML91S materials are manufactured
by Hitachi Metals and have been processed in the same manner as the half cores. Seven different configurations are
tested, going from a single to seven gap sections between the two half cores. The inductors are designed to meet
the specifications in table I, and are compared with respect to their losses at a sinusoidal current with an amplitude
of 1 A and a frequency of around 1 MHz.

A. Method
The same winding is used for all the different core configurations in order to make a fair comparison of the
losses in the different cases. As calculated in (14), the winding is designed with 54 turns, in order to achieve a
peak flux density in the core of around 50 mT.
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The winding consists of two parallel wires of 20 × 50 µm Litz wire, giving a total of 40 strands. As the skin depth
of copper at 1 MHz is in the range of 65 − 75 µm depending on temperature, this diameter should be small enough
to not affect the shape of the field in the winding region.
For each configuration, a small signal impedance measurement with an Agilent 4294A impedance analyzer verifies
the inductance, and the DC resistance of the winding at room temperature is measured to 530 mΩ. As core
losses are non-linear with respect to current amplitude and winding losses are temperature dependent, large-signals
measurements are needed in order to compare the total losses of the different core configurations.

Large-signal loss measurements are performed using a setup as illustrated in fig. 7. The inductor under test
is connected in series with a capacitor matching its impedance at the test frequency in order to cancel out the
reactive impedance. A square signal at the test frequency is generated at the switch node Vsw using the input half
bridge. Assuming a high loaded Q factor of the resonant tank relative to Rsense , the output current from this half
bridge, as well as the voltage across the passive components, will resemble a sine wave as any higher harmonics
are suppressed by the resonant tank. The current is measured by measuring the voltage across the sense resistor
Rsense .
iL =

Vsense
Rsense

(21)

The voltage across the resonant tank is calculated as the difference between the two measured voltages.
Vres = Vsw − Vsense

(22)

The power loss in the resonant tank is found as the average product of the current and voltage.
Pres = iL · Vres

(23)

If resonance between the inductor and capacitor is achieved, the voltage and current should be in phase, and small
phase errors will not have a significant effect on the measurements. The calculated power loss includes the loss
in the resonant capacitor, but if this is implemented as a parallel connection of 3 SMD capacitors, the inductor is
assumed to dominate in terms of losses, and the differences between the different core configurations should still
be measurable.

Fig. 7: Large signal test circuit with test points.
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The resonant capacitor is sized to resonate with a 150 µH inductor at 1 MHz.
Cres =

1
1
= 169 pF
=
2
ω 2 · Ltest
(2π · 1 M Hz) · 150 µH

(24)

This capacitor is implemented with a parallel connection of three 56 pF capacitors, giving a total capacitance of
168 pF. The used capacitors are of C0G type, in order to ensure linearity. A picture of the inductor under test is
shown in fig. 8. The multiple gaps on the side legs are covered by a set of 3D printed ”sleeves” for easier assembly.

The core loss in the case with a single gap between the two half cores is calculated in (11) to 330 mW. When the
magnetic slices are added to separate the air gap into separate sections, the core volume is increased by 61.4 mm3
for each extra gap section. Assuming that the flux in the core is unchanged, this is expected to cause an increase
in core loss of
∆Pcore = ∆V · Pv = 61.4 mm3 · 100 mW/cm3 = 6.2 mW

(25)

In addition to this, further core loss should be expected from flux crowding caused by potential misalignment of the
magnetic slices, as well as surface loss caused by the flux passing through the added surfaces from the magnetic
slices [33]. The combination of these factors, along with the lower limit for the field in the winding region defined
by the ideal case with the uniform core, indicates that increasing the number of gap sections will only be beneficial
until a certain point when the increased losses in the core outweigh the reduction in winding losses.
B. Results
An oscilloscope measurement for the configuration with seven gap sections is shown in fig. 9. From such
waveforms, the loss in the resonant tank is calculated. The measured inductance, large signal series resistance of
the resonant tank, as well as the measured frequency for all configurations are shown in table III. The inductance is
only characterized with the small-signal measurements, but as the air gaps dominate the magnetic circuit in terms
of reluctance, the inductance is assumed to be linear with respect to temperature and current amplitude within the
testing range. The power loss and equivalent series resistance of the resonant tank is seen to decrease when the
number of gap sections are increased.

Fig. 8: Inductor under test.
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Fig. 9: Measured waveform of Vsw (blue) and Vsense (red) for inductor with 7 gap sections and Rsense = 1.0 Ω.
Scaling on y-axis is 2 V/div for Vsw and 500 mV/div for Vsense , scaling on x-axis is 500 ns/div.
Sections

Ltest [µH]

ftest [kHz]

Pres [mW ]

ESR [Ω]

1

152.4

991

1610

3.22

2

150.9

997

1600

3.16

3

147.0

1011

1470

2.93

4

151.6

998

1450

2.87

5

148.9

1004

1330

2.64

6

147.5

1009

1280

2.56

7

147.8

1012

1310

2.57

TABLE III: Measured inductance and large-signal resistance of inductor configurations.

In order to normalize the resistance with respect to the test frequency and inductance of the different inductor
implementations, the Q values of the different configurations are shown in fig. 10. This value is defined as
Q=

2π · ftest · Ltest
ESR

(26)

The Q value is seen to increase by nearly 25 % as the number of gap sections is increased to seven.
The steady state winding temperature for the different configurations are measured to be in the range of 60 − 70◦ C.
Using an average temperature of 65◦ C, the DC-resistance of the winding can be corrected to take the changed
resistivity of copper into account.

ρ65 = ρ20 · 1 + 0.00404


1
◦
◦
·
(65
C
−
20
C)
◦C

(27)

= 1.99 · 10−8 Ωm
RDC,65 = RDC,20 ·

ρ65
1.99 · 10−8 Ωm
= 530 mΩ ·
ρ20
1.68 · 10−8 Ωm
= 628 mΩ

(28)
(29)

The resulting conduction losses are calculated:
Pcond =

1 2
· I · RDC,65 = 314 mW
2 p

(30)

Assuming a combined resistance of 100 mΩ in the resonant capacitor, the copper traces on the test board and the
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Fig. 10: Measured large-signal Q-value vs. number of gap sections.
Current is sinusoidal with frequency ftest and amplitude 1 A.

connections between the tested inductor and the board, the losses outside the inductor in all cases are estimated as:
Pmisc =

1
· Ip · 100 mΩ = 50 mW
2

(31)

Based on (11) and (25), the ordinary core loss can be estimated as:
Pcore = 330 mW + 6.2 mW · (ngap − 1)

(32)

where ngap is the number of gap sections.
Any remaining losses, Prest , in the tested inductors are assumed to be a combination of eddy current losses,
surface losses and additional core loss caused by misalignment of the slices.
Prest = Pres − Pcond − Pmisc − Pcore

(33)

= Pres − 695 mW − 6.2 mW · (ngap − 1)
These losses are plotted in fig. 11 and compared to the expected results from the field simulations shown in table
II. The measured losses are seen to decrease less than estimated from the simulations even at a low number of
gaps. A reason for this is that the winding does not fill up the entire winding window of the core and that it is
placed close to the center of this window, where the effect of the changed gap configuration is smaller. However,
a correlation between the number of gaps and the power loss is visible.
IV. C ONCLUSION
The effects of implementing a quasi-distributed air gap between the two halves of an EFD 25/13/9 inductor core
have been investigated. The quasi-distributed gap was implemented using thin slices of magnetic material made to
match the dimensions of the core. The theoretical benefits of using the distributed gap technique was demonstrated
through field simulations and electromagnetic theory. Through a series of measurements at 1 MHz, the effects on
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Fig. 11: Measured and simulated remaining losses.

the losses in a test inductor was assessed, and the technique was seen to increase the large-signal Q of the inductor
by close to 25 %. For inductors in high-frequency resonant converters where air gaps are often necessary and the
associated eddy current losses in the windings can be significant, this technique can help reduce the losses and
represents a cheaper and more flexible alternative to powdered cores designed to achieve a specific permeability
or custom-made cores with distributed air gaps. As increasing operating frequencies in power converters make
it difficult to obtain Litz wire with strand diameters small enough to suppress the effects of field fringing, this
technique can help push the limits further and enable the use of smaller magnetic components than otherwise
possible.
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Abstract
In electronic applications supplied from the AC mains, the power factor and harmonic content of the input currents
is bound by international standards, and power factor correction (PFC) converters are often needed in order to comply
with these standards. State-of-the-art AC-DC converters are based on a cascaded architecture, requiring the power
factor correction (PFC) stage to process both the active power delivered to the load as well as the reactive power
required to maintain a high power factor. This paper presents the concept of a power factor port connected in parallel
with the load rather than the cascaded connection. Through this architecture, the stresses and losses in the PFC
converter are reduced as it only needs to supply the reactive power required for power factor correction, and not the
active power for the load itself. A converter is designed as a modified class-DE series-resonant converter and achieves
partial soft-switching, allowing it to be operated at high switching frequencies. A 50-W prototype for European mains
is implemented and shown to achieve a power factor of 0.99, input harmonic magnitudes well below the limits of
the IEC 61000-3-2 standard, and an efficiency of up to 92.2 %, an 8 pp efficiency improvement compared to similar
converters in cascaded connection.
Index Terms
AC-DC power conversion, power factor correction, resonant converters, charge pump
This project has received funding from the European Union’s Horizon 2020 research and innovation programme under grant agreement No
731466. The authors are with the Department of Electrical Engineering, Technical University of Denmark, DK-2800 Kongens Lyngby, Denmark
(e-mail: frmsp@elektro.dtu.dk; ammma@elektro.dtu.dk; ynour@elektro.dtu.dk; akn@elektro.dtu.dk).

January 20, 2020

DRAFT

Journal of Emerging and Selected Topics in Power Electronics

Page 2 of 18
2

1
2
3
4
5
6
7
8
9
10
11
12
13
14
15
16
17
18
19
20
21
22
23
24
25
26
27
28
29
30
31
32
33
34
35
36
37
38
39
40
41
42
43
44
45
46
47
48
49
50
51
52
53
54
55
56
57
58
59
60

I. I NTRODUCTION
In the pursuit of increasing power density, the recent years have seen a significant research interest in the field
of resonant power converters [1], with switching frequencies taken into the high-frequency (HF, 3-30 MHz) or
even very-high-frequency (VHF, 30-300 MHz) ranges [2]–[6]. Under ideal operation, resonant converter topologies
have the benefit of being able to achieve zero voltage switching (ZVS) [7]. This mostly eliminates the switching
losses in active components and allows the converter to be operated at higher frequencies than otherwise possible.
Increased switching frequencies come with many benefits, including reduced size and cost of passive energy storage
and filter components [8], [9]. With the emergence of wide bandgap technologies such as Gallium Nitride (GaN)
transistors, this development is further enabled by the improved figures of merit of new switching devices [10],
[11], and previous publications have demonstrated active-driven GaN-based switch-mode converters operating at
switching frequencies of 10 MHz [12], [13] and even 100 MHz [14].
Popular resonant converter topologies include the Class-E [15], [16], Class-DE [17], [18] and Class-Φ2 converters
[19]. While the Class-E topology has the benefit of employing only a single low-side switching component, the
Class-DE topology has the benefit of greatly reduced voltage stresses and the Class-Φ2 topology combines the use
of a single low-side switch with a moderate voltage stress at the cost of higher complexity and component count.
One application where the demand for compact power converters is rising is in the field of solid-state lighting,
where power electronic drivers are needed to convert an AC mains input voltage into a low-ripple DC output current
for a load consisting of light-emitting diodes (LEDs). For power levels above 25 W, these converters need to provide
power factor correction (PFC) according to international standards [20], [21], which requires active rectification
of the AC input voltage. This type of driver is often implemented with a two-stage architecture as shown in Fig.
1, where the first stage provides power factor correction of the input current, while the second stage is a DC-DC
converter responsible for converting the intermediate bus voltage into the DC level required for the load, while
removing the double-line-frequency 100/120 Hz voltage ripple.

While resonant converters have successfully been put to use as DC-DC converters applicable as the second stage
in this architecture, their use as power factor correctional converters are limited at this point. A reason for this is
that while resonant converters can be very efficient under the right operating conditions, they are very sensitive to
load changes [22], [23], as their rectifier stages have a highly non-linear input-impedance. Several methods have
been demonstrated to compensate for these non-linearities in order to ensure a wider range of operation for Class-E

Fig. 1: Traditional two-stage cascaded PFC AC/DC converter.
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Fig. 2: Proposed parallel PFC stage architecture.

[24]–[27], Class-DE [28], and LLC resonant topologies [29]. In order to operate as a power factor correctional
stage, a converter must draw an input current proportional to the input voltage over the full line cycle, and soft
switching PFC converters with both resonant and non-resonant converter topologies have been demonstrated in
literature [30]–[37].

The work presented in [30], [31] demonstrates a modified Class-DE resonant converter driving a power factor
correcting charge-pump circuit from a 230 V AC input voltage. The converter introduced in this paper is an enhanced
configuration based on this previous work, which achieves higher efficiency and lower total harmonic distortion
(THD) by modifying the power flow and reducing the stresses on the resonant converter. Whereas the previously
presented work is implemented as a traditional cascaded AC-DC converter with the resonant converter supplying the
load directly, the proposed design in this work utilizes a parallel architecture. Fig. 2 shows the proposed architecture,
where the resonant converter acts as a power factor port, driving only the charge-pump circuit, while the load or
second converter stage is connected in parallel with this resonant converter. A prototype is constructed and used to
demonstrate the PFC operation of the topology. The specifications of the prototype converter is given in Table I.
II. T OPOLOGY
The proposed converter is designed as a modified class DE converter, with a class D inverter half bridge connected
to a class DE rectifier [17], [38] through a resonant tank. The class D/DE topology is chosen as it has the benefit of
reduced voltage stresses on the switching components, compared to other resonant converter topologies. The class
DE rectifier circuit has been equipped with an additional diode bridge and a charge pump capacitor which ensures
power factor correction operation of the converter. A schematic of the full converter is shown in Fig. 3.

Input voltage

230 VAC

Output voltage

400 VDC

Output power

50 W

TABLE I: Prototype specifications
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Fig. 3: Schematic of full converter.

Previous literature [18], [39] have presented throughout analyses of the traditional class-DE rectifier circuit, but as
the addition of the charge-pump capacitor changes the behavior of the circuit, an analysis of the modified topology
is performed.
A. Charge pump
The basic operation of the charge pump circuit is illustrated in Fig. 4. As the converter switches at a frequency
significantly faster than the AC input voltage, Vin and Vrect are assumed constant over a switching cycle. During
intervals 1a, 1b, 3a and 3b, the charge pump capacitor Cp is discharged and charged respectively through the
resonant tank of the converter. In intervals 1b, 2, 3b and 4, energy is transferred from the resonant tank to the load.
When the charge pump capacitor is fully charged, at the boundary between intervals 3b and 4, the voltage at node
Vr is zero and the charge pump voltage Vp is equal to the rectified input voltage Vrect . Ignoring any losses in the
input filter and diode bridge, this voltage is equal to the absolute value of the input voltage Vin . By the end of
interval 1b, the capacitor is discharged to zero volts, with diodes D2 and D4 preventing discharging to negative
voltage.
Since the capacitor is charged and discharged every switching cycle, the amount of charge passing through diode
D1 every cycle is
QD1 = Cp · Vp,max = Cp · |Vin |

(1)

Ignoring any leakage currents in the input filter and diode bridge, this is the net charge drawn from the input every
cycle. This gives an input current of
Iin = QD1 · fsw = fsw · Cp · Vin

(2)

Equation (2) indicates that the average input current over a switching cycle is proportional to the instantaneous
input voltage of the converter, and this is the case for any value of Vin , assuming that the switching frequency is
constant over the AC line cycle and that the current in the resonant tank is sufficient to completely charge and
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(a) Interval 1a

(b) Interval 1b

(c) Interval 2

(d) Interval 3a

(e) Interval 3b

(f) Interval 4

Fig. 4: Charge pump operation.

discharge Cp in every switching cycle. With the input current being proportional to the input voltage over the full
line cycle a high power factor is achieved.
Using (2), the relationship between Cp , fsw and the input power can be derived.
2
Pin = Iin · Vin = fsw · Cp · Vin

(3)

This means that the input power (and output power, assuming constant efficiency) of the converter scales linearly
with the switching frequency, allowing control of the output power through frequency modulation.
B. Rectifier
The schematic of the modified rectifier circuit with the charge-pump circuit is shown in Fig. 5. The circuit consists
of four diodes, D1−4 and a capacitor Cp . As the system is assumed to be dominated by the capacitance of Cp , any
parasitic shunt capacitance of the diodes are ignored for the purpose of this analysis.
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Fig. 5: Schematic of modified class-DE rectifier with charge-pump circuitry.

The rectifier is supplied by a current ires , which is assumed to be an ideal sine wave with frequency ωsw and
amplitude Ir .
ires = Ir · sin(ωsw t)

(4)

The operation of the rectifier can be characterized by the 4 states shown in Table II, with each diode conducting
in one state. The duty cycle Dr denotes the fraction of the the switching cycle, Tsw , in which diodes D3 or D4
are conducting. The voltage at node Vb is equal to either Vbus or Vrect , depending on the instantaneous direction
of current ires
During state 1, current is flowing through the charge pump capacitor, Cp , and diode D2 , discharging the capacitor
and raising the voltage Vr until it reaches the level of Vbus and the capacitor is fully discharged. At this point in
time, the rectifier enters state 2 and diode D4 starts conducting, while no current flows in the capacitor. When the
direction of the resonant current changes, the diode D4 blocks the current and the circuit enters state 3, where
current flows through diode D1 , charging the capacitor and decreasing the voltage Vr . When Vr is reduced to 0
V, and the voltage Vp is equal to the rectified input voltage Vrect , the capacitor stops charging and current flows
through D3 in state 4. Once the current changes its direction again, the circuits reverts to state 1.

State

Conducting diode

Vb

iCp

Time

1

D2

Vbus

−Ir · sin(ωsw t)

0 < t ≤ Tsw · (0.5 − Dr )

2

D4

Vbus

0

Tsw · (0.5 − Dr ) < t ≤ Tsw · 0.5

3

D1

Vrect

−Ir · sin(ωsw t)

Tsw · 0.5 < t ≤ Tsw · (1 − Dr )

4

D3

Vrect

0

Tsw · (1 − Dr ) < t ≤ Tsw

TABLE II: States of modified class DE rectifier.
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This means that the current through the charge pump capacitor over a full cycle can be described as



−Ir · sin(ωsw t) for state 1





0
for state 2
iCp (t) =


−Ir · sin(ωsw t) for state 3





0
for state 4
At the start of each cycle the charge pump voltage Vp is charged to Vrect . Over a

Ir


Vrect − ωsw

Cp · (1 − cos(ωsw t))



Z t

0
1
iCp dt =
Vp (t) = Vrect +
Ir

Cp 0


ωsw Cp · (cos(ωsw t) + 1)




V

(5)

cycle, the voltage is

rect

for state 1
for state 2

(6)

for state 3
for state 4

Knowing that the voltage across the capacitor must be continuous across the transitions between the states, a
relationship between current amplitude Ir and diode duty cycle Dr can be derived:
Vp (Tsw · (0.5 − Dr )) = 0 ⇔
Vrect −

Ir
· (1 + cos(2πDr )) = 0
ωsw Cp

(7)
(8)

By rearranging and isolating for Dr we get
Vrect ωsw Cp
−1
Ir


Vrect ωsw Cp
1
cos−1
Dr =
−1
2π
Ir
cos(2πDr ) =

Using (9), the charge pump voltage can now be expressed as

cos(2πDr )+cos(ωsw t)


Vrect
cos(2πDr )+1




0
Vp (t) =
1+cos(ωsw t)


Vrect 1+cos(2πDr )





V
rect

(9)
(10)

for state 1
for state 2

(11)

for state 3
for state 4

The voltage at the input of the rectifier, Vr is calculated as Vr = Vb − Vp , and Vb is equal to Vbus and Vrect for
the positive and negative half-cycles of ires respectively, this gives the following expression for Vr .

Vr (t) =


r )+cos(ωsw t)


Vbus − Vrect cos(2πD

cos(2πDr )+1




V
bus









for state 1
for state 2

r )−cos(ωsw t)
Vrect cos(2πD
cos(2πDr )+1

for state 3

0

for state 4

(12)

A set of waveforms for the rectifier is shown in Fig. 6. From (10), it is seen that an increase in resonant current
amplitude will result in faster charging and discharging of Cp and an increased duty cycle for diodes D3 and D4 .
As charging and discharging of Cp is the only part of the operation that transfers power from the input to output
of the converter, any current in diodes D4 and D3 is just energy being cycled in the converter causing extra power
loss. However, these diodes are necessary in order to limit the voltage swing of Vr for large resonant currents. This
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Fig. 6: Waveforms of Vp , Vr and Vb for Vrect = 325 V and Vbus = 400 V. Solid lines for optimal operation with
Ir = Ir,ideal , dashed lines for suboptimal case with Ir =

4
3

· Ir,ideal .

means that the ideal amplitude of resonant current ires is the one that is sufficient to fully charge and discharge
Cp over a switching cycle, while causing zero conduction in diodes D3 and D4 . This amplitude is calculated by
rewriting (9):
Vrect ωsw Cp
⇔
1 + cos(2πDr )
Vrect ωsw Cp
Vrect ωsw Cp
=
=
1 + cos(2π · 0)
2
Ir =

Ir,ideal

(13)
(14)

With the expression from (13), Vrect can be expressed in terms of Ir :
Vrect =

Ir
· (1 + cos(2πDr ))
ωsw Cp

With the expression from (15), the waveform for Vr can be rewritten as a

Ir


Vbus − ωsw

Cp · (cos(2πDr ) + cos(ωsw t))




Vbus
Vr (t) =
I

r


ωsw Cp · (cos(2πDr ) − cos(ωsw t))




0

(15)
function of current amplitude:
for state 1
for state 2

(16)

for state 3
for state 4

Using Fourier analysis, the voltage waveform is separated into in-phase and quadrature components relative to the
current in order to determine the equivalent input impedance of the rectifier at the switching frequency.
Z Tsw
V rect2
2
Vr,i = 2fsw ·
Vr (t) · sin(ωsw t) dt = Vbus · − 2fsw Cp
π
Ir
0


Z Tsw
1 Ir
1
Ir
Vr,q = 2fsw ·
Vr (t) · cos(ωsw t) dt = sin(2πDr )
− Vrect +
(2Dr − 1)
π ωsw Cp
π
ωsw Cp
0

(17)
(18)

The input impedance of the rectifier at the switching frequency can be modelled as a resistor in series with a
capacitor. The two components are calculated from the two voltage components.

2
Vr,i
2 Vbus
Vrect
Rrect =
= ·
− 2fsw Cp
Ir
π Ir
Ir
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Fig. 7: Equivalent input capacitance and resistance of rectifier for Vrect = 325 V and Vbus = 400 V

Crect = −

Ir
πCp


=
Vrect
ωsw Vr,q
sin(2πDr ) · Ir ωsw Cp − 1 + π − 2πDr

(20)

Normalized graphs of the the equivalent input resistance and capacitance of the rectifier at the peak input voltage
are shown in Fig. 7. Knowing this input impedance, the resonant tank can be designed to match the impedance
between the rectifier and inverter.
The presence of higher harmonics in the resonant current might affect the calculated values for input impedance,
but the basics of the operation are still valid. Harmonic content is likely to change the ideal current amplitude,
Ir,ideal , and some tuning might be required to achieve ideal operation.
C. Inverter
The inverter circuit consist of a transistor half-bridge driving an AC current through a resonant tank into the
rectifier. A schematic of the inverter is shown in Fig. 8. For the purpose of this analysis, the parasitic shunt
capacitance of the switching devices are neglected, as the charge pump capacitor is still assumed to dominate the
system. Soft switching is achieved through manual tuning of the dead-time between the gate signals for the inverter
switches. For improved efficiency, adaptive dead-time techniques [40]–[43] might be applied.
Ignoring the dead-time, the voltage waveform at the switch node Vs can be approximated as a square wave with
duty cycle Di , switching between the bus voltage Vbus and ground. The high side switch Q1 is driven with duty
cycle Di , while the low side is operated with duty cycle 1 − Di .

V
bus for 0 < t ≤ Di Tsw
Vs (t) =
 0
for T < t ≤ T
sw
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Fig. 8: Schematic of class D inverter with load

By modulating the duty cycle Di , the fundamental amplitude of the switch-node voltage can be changed. An
expression for the fundamental amplitude as a function of duty cycle is derived using Fourier analysis.
v
!2
!2
u Z
Z T
T
u
t
Vs,f und = 2fsw
Vs (t)sin(ωsw t) +
Vs (t)cos(ωsw t)
⇔
0

Vs,f und

(22)

0

√
2p
1 − cos(2πDi )
= Vbus
π

(23)

The normalized fundamental amplitude of the switch node voltage vs. duty cycle Di is shown in Fig. 9. The
voltage needed at the switch node is found by multiplying the current amplitude by the combined impedance of
the rectifier and the resonant tank. The minimum applicable duty cycle is the one that results in the ideal current
amplitude, and any value between this and 50 % will work. For duty cycles above 50 %, the fundamental amplitude
of Vs will start decreasing according to (23).
The total impedance of the resonant tank and the rectifier at the switching frequency is given by the following

Fig. 9: Fundamental amplitude of switch-node voltage (normalized) vs. inverter duty cycle.
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expression:
s
Zload =

1
1
ωsw Lres −
−
ωsw Cres
ωsw Crect

2

2
+ Rrect

(24)

And the voltage amplitude at the switch node is:
Vs,amp = Ir · Zload

(25)

By combining (23) and (25) an expression for determining the duty cycle for the inverter can be written:

2 !
1
π 2 Ir Zload
−1
Di =
cos
1−
2π
2
Vbus

(26)

Once the resonant tank is designed, it is possible to calculate the required duty cycles at the different levels of
Vrect .
III. I MPLEMENTATION
A prototype is designed for the specifications given in Table I. The switching frequency is chosen as 200 kHz,
since synchronous half-bridge gate drivers for this frequency and voltage range are easily commercially available.
A. Rectifier and charge pump
The size of the charge pump capacitor Cp is calculated by rearranging (3) and referring it to the output power
rather than the input power. A conversion efficiency, η of 90 % is assumed at this point.
Cp =

Pin
Pout
50 W
=
=
= 5.4 nF
2
2
2
fsw Vin
fsw Vin η
200 kHz · (230 V ) · 0.9

(27)

At the peak input voltage, this gives an ideal resonant current amplitude of
Ir,ideal =

Vrect ωsw Cp
325 V · 2π · 200 kHz · 5.4 nF
=
= 1.1 A
2
2

(28)

The diodes in the rectifier circuits need to be able to hande a current larger than this and a reverse voltage larger
than the 400 V bus voltage. Furthermore, the diodes need to have a paracitic capacitance that is much smaller than
the size of the charge pump capacitor in order for the assumptions made in the topology section to be valid.
The chosen diodes are the GB01SLT06 silicon carbide Schottky diodes from GeneSiC Semiconductor with a
voltage rating of 650 V and an effective shunt capacitance of around 20 pF [44].
With a switching frequency of 200 kHz and a charge pump capacitor of 5.4 nF, the equivalent input resistance
of the rectifier at ideal current amplitude is calculated at peak input voltage by combining (14) and (19). The input
capacitance (20) at this current amplitude is equal to the charge pump capacitor.

2


2
Vbus
Vrect
4
Vbus
− 2fsw Cp
=
·
−1
Rrect,ideal = ·
π Ir,ideal
Ir,ideal
πωsw Cp
Vrect


4
400 V
Rrect,ideal =
·
− 1 = 43.3Ω
π2π · 200 kHz · 5.4 nF
325 V
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B. Resonant tank
In order to design the resonant tank, the input impedance of the rectifier needs to be known. As a starting point,
the values at ideal current amplitude are used. According to [7], the current in the resonant tank can be assumed
to have a sinusoidal shape if the Q-factor of the resonant inductor relative to the input resistance of the rectifier is
larger than 2.5. However, this is based on the assumption that the inverter is of a class DE topology with symmetric
gate signals, where the second harmonic of the switch node voltage is largely suppressed. For the class D inverter,
the on-time switching waveform can be asymmetrical, and significant second harmonic content can appear in the
waveform. To ensure significant suppression of the second harmonic, the inductor is sized to have a loaded Q-factor
of 6.
Lres =

QRrect
6 · 43.3 Ω
=
= 210 µH
ωsw
2π · 200 kHz

(31)

The inductor is wound using 66 turns of 20 × 50 µm Litz wire on an EFD15 core with 3F46 material from
Ferroxcube. The ESR at 200 kHz is measured to be 870 mΩ with an inductance of 220 µH. In order to have some
design overhead, and consider non-ideal operation, the inductor is designed for a peak current of 1.7 A, 50 % larger
than the ideal amplitude calculated in (14). Combining the inductance with the input impedance of the rectifier
gives an equivalent impedance of:
s
Zeq =

ωsw · Lres −

1
ωsw Cp

2

2
+ Rrect
= 136 Ω

(32)

Multiplying by the ideal resonant current amplitude calculated in (28) gives a required switch node voltage amplitude
of 150 V or 0.375 · Vbus , which is within the achievable range seen in Fig. 9. This means that there are no strict
requirements on the size of the resonant capacitor Cres , as no decrease in reactive impedance is required, and it
is only needed to block the DC voltage between the switch node and the rectifier input. A capacitor of 44 nF is
chosen, and the resulting load impedance on the inverter is calculated.
s
2
1
1
2
ωsw · Lres −
Zload =
−
+ Rrect
= 119Ω
ωsw Cp
ωsw Cres

(33)

Based on the assumed 1.7 A peak current in the inductor, the maximum voltage across the resonant capacitor is
calculated. Using a convservative approach, the voltage is calculated as the resulting AC voltage from the current
added to a DC voltage equal to Vbus .
VC,max = 1.7 A ·

1
+ 400 V = 430 V
2π · 200 kHz · 44 nF

(34)

The resulting resonant frequency of the resonant tank is calculated. The resonant tank will appear inductive above
this frequency. As an inductive load is a requirement in order to achieve full or partial soft switching in the inverter
bridge, the converter should be operated above this frequency.
fres =

January 20, 2020
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C. Inverter
The switching devices in the inverter needs to handle the resonant current amplitude and the bus voltage while
having a low parasitic shunt capacitance in order to make soft switching more easy to obtain. The chosen devices
are the GS-065-004-1-L GaN transistors from GaN Systems [45], with a voltage rating of 650 V, a current rating
of 3.5 A and an effective shunt capacitance of around 18 pF. The half bridge is driven by a Si8274 half bridge gate
driver from Silicon Labs, and the optimal dead time is found through empirical tuning.
The required inverter duty cycle is calculated using (26) with the ideal resonant current amplitude calculated in
(28) and the load impedance found in (33).
1
· cos−1
Di =
2π

π2
1−
2



Ir,ideal Zload
Vbus

2 !
= 17.2%

(36)

This duty cycle will ensure sufficient current amplitude at the peak input voltage. And since the load impedance
of the rectifier is seen from (19) and (20) to decrease with decreasing input voltage, it should also ensure sufficient
current for lower input levels. In a more advanced configuration, the duty cycle could be modulated along the line
cycle to ensure more efficient operation, but as a proof of concept, the converter is chosen to operate with a constant
on-time for all input levels. A list of all the component values used in the power stage is shown in Table III.
Component

Value

D1−4

GB01SLT06

Q1−2

GS-065-004-1-L

Lres

220 µH

Cres

2 × 22 nF

Cp

2 × 2.7 nF

Cbus

10 µF + 4 × 100 nF

Crect

100 nF

Gate driver

Si8274

TABLE III: Components in prototype power stage

D. Control loop
Since the input power (3) of the converter scales proportionally with the switching frequency, the converter can
be controlled by modulating this parameter. In order to comply with the IEC 61000-3-2 standard [20], the converter
must be capable of performing power factor correction down to a power level of 25 W. When processing less power
than this, the output voltage can be controlled by simple hysteresis control.
The minimum switching frequency is calculated:

fsw,min =

Pmin
25 W
=
2 = 87.5 kHz
2
Cp Vin
5.4 nF · (230 V )

(37)

Since this frequency is higher than the calculated resonance frequency of the resonant tank in (35), the converter
should be capable of operating at this point. Using an LTC6990 Voltage-controlled oscillator (VCO) from Analog
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Fig. 10: Block diagram of the control loop for PFC operation.

Devices, which is capable of operating in the desired region, a control loop is designed using a PI-controller. In
order to maintain a low input current THD, the bandwidth of the control loop must be lower than the double-linefrequency of 100 Hz so that the switching frequency, and power level, is being kept constant through the line cycle.
Through simulations it was found that a PI controller with a gain of 0.042 and a time constant of 21 µs, resulting
in a system bandwidth of 50 Hz is sufficient. A block-level diagram is shown in Fig. 10.
For power levels below 25 W, the converter output voltage is controlled by a hysteresis controller that turns off
the power stage when the output voltage reaches 450 V and turns it on again at full power when the voltage drops
to 350 V.
IV. E XPERIMENTAL RESULTS
A prototype of the presented converter is built (Fig. 11) and tested in the laboratory. Converter operation is
verified at output power levels ranging from 20 − 50 W for an AC input voltage of 230 VRMS at 50 Hz. The
output of the converter is connected to an ITECH IT8812B electronic load set up to behave as a resistor and the
output power, efficiency, power factor and input current THD is measured using a N4L PPA 5530 Precision Power
Analyzer. Fig. 12 shows a schematic of the experimental setup includng test points.

The power level is adjusted by controlling the resistance of the electronic load. A set of measured high-frequency
switching waveforms at the peak input voltage (325 V) and an output power of 50 W is shown in Fig. 13. Fig. 14

(a) Top view

(b) Bottom view (mirrored)

Fig. 11: Converter prototype
January 20, 2020

DRAFT

Journal of Emerging and Selected Topics in Power Electronics

Page 15 of 18

15

1
2
3
4
5
6
7
8
9
10
11
12
13
14
15
16
17
18
19
20
21
22
23
24
25
26
27
28
29
30
31
32
33
34
35
36
37
38
39
40
41
42
43
44
45
46
47
48
49
50
51
52
53
54
55
56
57
58
59
60

Fig. 12: Diagram of the measurement setup

Fig. 13: Measured high-frequency waveforms of Vr (yellow), Vbus (red), Vs (green) and ires (blue) at peak input
voltage. scaling is 100 V/div and 500 mA/div on the y-axis and 2 µs/div on the x-axis.

shows low frequency waveforms at 50 W output power. The converter is tuned to start operation at an input level
of 50 V and the input current waveform is seen to resemble a sine wave, indicating a high power factor.
The converter efficiency, power factor and input current THD is measured using the connected power analyzer,
and the power factor is found to be above 0.99 across the full power range. The results for efficiency and THD
are shown in Fig. 15 and are seen to be above 90 % and below 8 % respectively across the full range with more
than 92 % efficiency and less than 6 % THD at full power. The results are compared to those from [31], which is
a cascaded configuration of the same topology. The presented converter is shown to have a lower THD and higher
efficiency across the full range, with up to 8 pp of efficiency increase. A harmonics breakdown comparing the
amplitude of individual harmonics at full load to the limits of the IEC 61000-3-2 standard [20] is shown in Fig.
16. The harmonics are seen to be well within the limits.

Fig. 14: Measured waveforms of Vin (green), Vbus (yellow) and iin (blue) at peak input voltage. scaling is 100
V/div and 200 mA/div on the y-axis and 10 ms/div on the x-axis.
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Fig. 15: Measured efficiency and input current THD vs. Output power. Compared with results from [31].

Fig. 16: Harmonics distribution at full load.

V. C ONCLUSION
The concept of using a resonant ”power factor port” in order to drive a charge-pump power factor correctional
converter has been presented, and a prototype has been been constructed and tested to verify the operation. The
prototype is capable of processing 50 W of power from a 230 V AC input voltage to a 400 V DC output voltage
with a power factor of 0.99, an efficiency of up to 92 % and a THD of less than 6 % at full load with harmonic
amplitudes well within the limits of the IEC 61000-3-2 standard [20]. Through frequency control, the prototype is
capable to operate over a wide power range with conversion efficiencies above 90 % making it useful for applications
with varying load power. The constructed prototype operates at frequencies of up to 200 kHz, but with its large
degree of soft-switching and GaN switching devices with low gate charge, the concept should be feasible at higher
frequencies as well, with the most immediate constraint being the need for a half-bridge gate driver capable of
switching at these frequencies while having the necessary voltage rating.
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